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ABSTRACT 

The goal of this research was to design, implement and test an ultra high speed SiGe analog to 

digital converter (ADC). High speed ADC's have uses in many areas, including digital 

oscilloscopes, front ends for software defined radio, as well as digital radar. With sufficient 

sampling rates, ADC's can be pushed to the front end of a receiver, eliminating the need for 

analog circuits and providing the flexibility to receive a much wider range of frequencies while 

consuming less power and layout size. 

An open loop, scalable, time-interleaved ADC architecture is presented in this thesis. With  the 

use of double-sampling, the timing skew requirements between channels is greatly relaxed, 

allowing sampling rates of up to 60Gs/s at 4-bits of accuracy.  

 

This thesis will focus on the major components of the ADC system, as well as oscillator design. 

The impact of clock jitter on ADC performance is analyzed, with discussion on the purity of 

clock source needed for achieving more accuracy at ultra high speeds.  Several test chips have 

been fabricated to test the performance of critical sub-components used in the ADC design. 

 

Future work includes investigation of increased interleaving to reduce single channel speeds so 

that resolution can be increased, as well as substituting CMOS logic in the backend of the 

converter to lower power consumption and layout size. This circuit is currently faster than any 

published designs, and is implemented using the IBM 8HP SiGe technology, with fT of 210GHz. 
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1 Introduction and Historical Review

Analog-to-digital converters play an important role in bridging the gap between the analog and 

digital worlds, converting the analog signals of the natural world into more computer friendly 

notation. Since the early 1990‘s, the speed and accuracy of A/D converters have increased 

significantly, allowing them to be used in more applications than ever.  

 

Very high speed A/D converters have applications in many areas, such as front ends for test and 

measurement equipment, software defined radio, and digital radar. Replacing analog components 

in wireless technology to cut costs and improve functionality has also had a large push in recent 

years. By using an A/D converter at the front end of a receiver, much of the complexity of analog 

design is removed, with added flexibility for receiving a much wider band of frequencies at no 

increased cost.  

 

The motivation behind this work is to increase the sampling rate of high speed front ends using a 

silicon based technology, as a process that would allow a monolithic digital system with an 

integrated ADC in front and digital logic back is invaluable. Currently many of the highest speed 

ADC front ends are built using more expensive III-V semiconductors such as InP, which have 

low yields and high production costs.  

 

Although design specifications vary depending on application, it is clear that more accuracy and 

speed in an analog-to-digital converter is beneficial. With very high sampling rates, slower input 

frequencies can be over sampled to increase bits of accuracy.  Ken Poulton, et al published a 

paper with a 20GS/s 8-bit ADC with a 6 GHz bandwidth in 2003 using CMOS technology [1]. In 

2004, William Cheng, et al published a paper with a 40GS/s 3-bit ADC with 12GHz bandwidth 

using SiGe [2]. This work presents an ADC with a sampling rate of 60GS/s and 4-bits of 

accuracy with 30GS/s of bandwidth using IBM 8HP SiGe technology.   

 

The Walden chart [3] has been a useful resource for comparing bit accuracy and sampling speed 

amongst published papers, as well as what is theoretically possible given a certain amount of 
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aperture jitter. It does not take into account the bandwidth of the ADC nor its power 

consumption, however.   

 

Figure 1.  Updated (2006) Walden Chart with this work (red),  [1] (blue), [2] (green), and [21] (yellow) . 

 

Research has involved study of traditional high speed ADC architectures and their limitations, as 

well as sample-and-hold amplifier architectures, high frequency oscillator designs, strengths and 

weaknesses of SiGe technology, and an in depth study of the effects of jitter on high frequency 

ADC‘s. Core ADC components have been designed, simulated, and fabricated, with the final 

design culminating in a 60 Gs/s 4-bit interleaved ADC. One of the applicable test chips used the 

IBM 7HP BiCMOS technology (0.18um CMOS, 120GHz HBT fT) and the remaining were 

produced using the IBM 8HP BiCMOS library (0.13um CMOS, 210GHz HBT fT).   

 

Much of the work has been the development of the individual ADC components that make up the 

entire system, such as the sample-and-hold amplifiers, differential reference ladders, 

comparators, bubble code suppressors, latches, and multiplexers. Also included are three 

different types of on chip high frequency oscillators and D/A converters that used for FFT testing 

of the ADC.  
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All the circuits in this thesis have been designed using either the 7HP and 8HP versions of IBM 

SiGe technology and with current mode logic. The latest designs have been done using 8HP, as it 

is currently the newest and fastest of the IBM BiCMOS processes. The 8XP models are available 

to us as well, which include HBT transistor models of the upcoming (IBM BiCMOS 9HP kit but 

without the layout scaling. Simulations of the critical components using this technology are 

included as well. The 8XP NPN transistor has a 350GHz fT. 

 

1.1 IBM SiGe Technology 

The first generation of IBM SiGe BiCMOS, 5HP, was introduced in 1996 with a maximum 

cutoff frequency (fT) of 47 GHz. At the time the announcement was a breakthrough in the 

processing community, since it enabled fabrication of bipolar devices on silicon that performed 

at speeds of the more expensive III-V technologies such as GaAs.  In 2000 IBM has introduced 

the 7HP technology, which has an HBT fT of 120 GHz and 0.18um CMOS. By using vertical 

profile scaling, reduced lateral dimensions, and a new manufacturability integration scheme, the 

8HP technology was completed in 2005, with bipolar transistors that have an fT of 210 GHz—  

70% faster than the previous generation [4].  

 

Differences in design layout rules between 5HP and 7HP were minimal. As 8HP evolved, layout 

rules varied greatly. At first, with the new processing techniques, 8HP layout rules became 

significantly stricter and several previous design compaction tricks no longer passed the basic 

design rule check.  The most significant of the design rule changes is with the DT20 deep trench 

isolation (DTI) rule. DTI is a 1um trench that surrounds each individual HBT to help isolated it 

from nearby devices. While the size of the active regions of the HBT has shrunk in each 

generation of SiGe, the size of the deep trench has not. This constant 1um width has mitigated 

some of the physical advantages of moving to a newer design kit, however in previous IBM 

technologies it was possible to share a common trench wall between multiple HBT‘s, thus 

reducing the overall layout area. This layout savings became significant when many transistors 

had their DT shared, and also helped minimize the loss due to the RC effects of wires between 

the transistors by shortening their length.  
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In addition to the inability to share DTI walls between transistors, 8HP became the first 

technology with a rule for maximum DT percentage over a fixed layout area. When exceeded, 

this excess DT was found to damage CMOS components during the CMP processing step, 

rendering many of those devices useless. It has no affect on the HBT transistors. This rule 

essentially made it impossible to use any of the space saving techniques that had been developed 

over the years for HBT transistors, so the layout size for digital logic in the current design is 

larger than ideal, but the potential of an increase in DT percentage in future kits may allow for 

slightly smaller and faster operation of all of the 8HP circuits. As the 8HP kit matured, these 

restrictions were increasingly relaxed. After V1.1.0.0, both the DT sharing and DT density rules 

were rescinded. The maximum DT percentage rule was changed from a hard error to a warning, 

although it is still not recommended that designs exceed this maximum percentage.  

 

As 8HP has evolved, more components have been included in the design kit, such as symmetric 

inductors, RF lines, and newer versions of the HBT transistors. Original 8HP bipolar transistors 

had dual collectors, bases, and a single emitter (CBEBC). These are still the fastest HBTs, 

however current kits also include the more traditional single collector, base, and emitter (CBE) 

transistors with smaller layout footprints and approximately 10% decrease in maximum fT.  

 

With a fT of 210GHz, 8HP allows for a significant speed for power consumption tradeoff when 

utmost speed is not needed. The fT vs ic curve shows a peak fT of 210GHz at around 3mA of 

current for a 3um sized device, as shown below in Figure 2. When biased at 1mA, the transistor 

fT is still above 140 GHz—still faster than the peak fT current of the previous generation when 

biased at 3mA.  
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Figure 2. ic vs fT curve, adapted from[27]. 

 

1.2 Current Mode Logic 

Current Mode Logic (CML) is a differential logic family that offers several advantages over 

single ended logic and Emitter Coupled Logic (ECL). Using a constant current approach, current 

is routed through branches of a fully differential tree structure, minimizing the need to switch 

circuits on and off. This static power dissipation results in higher power consumption than 

traditional CMOS logic, however it drastically reduces the inductance effects and power supply 

switching noise from on/off switching of devices. This reduction in substrate and power supply 

switching noise effect allows digital CML logic to be used with analog components with 

minimal noise introduced through the power rails.   

 

To maximize performance, CML designs operate with small voltage swings near VIL and VIH of 

the device. Small voltage swings of 250 mV allow for fast non-saturated switching and therefore 
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higher operating frequencies than conventional CMOS logic. The smaller voltage swings also 

permits the use of multi-level logic at intervals of VT with a low voltage power supply. The 

number of voltage levels that can be used is dependent on the power supply voltage; two voltage 

levels can be used with a -2.8 V power supply—(0 V to -250 mV, as level 1) and (-900 mV to -

1.15 V, as level 2). Figure  shows a standard CML latch and its corresponding input-output 

waveforms (shown as single ended for clarity).   

 

Vcc 

Vee 

clk 

clk 

z11 

z10 

Level 1 

Level 2 

a10 

a11 

   

Figure 3. CML latch schematic and corresponding single ended waveforms. 

 

The small voltage swings and lower level dependence on the upper power supply voltage 

increases the need for a stable power supply. As a consequence, a negative power supply is 

preferred so that the stable earth ground (0 V) can be used as the upper voltage. In cases where 

dual power supply voltages are needed, a positive power supply voltage can be used as well, but 

the top power rail must be stable.  

 

In the designs presented in this thesis, only transistors at critical locations were biased at the 

maximum fT.  Digital logic gates and digital buffers have had their current tuned to about 1/10 of 

the maximum fT current, so that power consumption of the overall converter is kept to a 

minimum while the gates are still fast enough for their respective applications.  
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1.3 Time Interleaving 

Time interleaved analog to digital conversion was first introduced by Black and Hodges [5] in 

1980 as a means for reducing the layout area of a design when compared to a flash converter of 

comparable speed and resolution. Since then, the concept has been extended to achieving very 

high sample rates with slower converters operating in parallel.   

 

The concept of time interleaving is realized by using n individual ADC‘s, each with a sample 

rate of 1/n to achieve a complete system that has a sampling rate of n. The system uses n offset 

clocks, each offset by 360/n degrees to achieve sampling rates for the system that are much 

greater than one ADC channel alone. This technique reduces one of the bottlenecks of ultra high 

speed A/D conversion—the settling time of the flash comparators.   

 

Although the concept is simple, there are three unique problems that occur with time-interleaving 

that result in degradation of the output. Gain and offset errors, and phase skew are unique to time 

interleaved converters. Gain and phase matching between the channels is critical to maintaining 

the accuracy of the ADC system, with mismatches resulting in spurious frequency components 

on an FFT plot which degrade the signal-to-noise-and-distortion ratio (SNDR). There are two 

types of spurious images, known as image spurs and offset spurs, the former due to gain errors 

and the latter due to offset errors. Other errors, such as non-linearity mismatches and bandwidth 

differences between the parallel channels, are also present, but are found in other ADC 

topologies as well.  

 

Several time interleaving architectures exist. The most conventional architecture couples the 

input directly to N sub-A/D converters, which requires each of those converters to run at full 

speed. This is achieved by running several standalone ADC's in parallel, either on chip or even 

on board level design. This type of architecture scales well for high degrees of interleaving, 

however phase skew will affect the output and maximum input bandwidth will not be near the 

Nyquist rate of the overall system sampling rate.  

 

 



 8 

A second time interleaved technique utilizes the single high speed sample-and-hold amplifier at 

the front end, with N secondary sub-A/D converters in parallel after it. The signal of the front 

end sampler is held with the clock is off, and tracked when it is on. As long as the sub-ADC‘s 

measure the output of the full speed S/H amplifier during its hold stage, the skew between the 

individual sub-ADC channels does not affect the SNDR. Unlike the first architecture however, 

excessive loading of the high speed S/H will occur if too many interleaved channels are present.  

Traditional ADC's using this technique employ a clock with a 50% sample/hold duty cycle.   

 

The time interleaved technique employed in the 60Gs/s 4-bit ADC is similar to the second 

interleaving technique, however it uses a 25% sample 75% hold duty cycle, allowing for single 

loading on the clock in a 4-way interleaved system as well as more hold time for the sub-A/D 

converters.   

 

The low Q of on-chip components result in oscillators with much higher phase noise than off 

chip clock generators, so an external clock signal is preferred for minimum phase noise. 

However external signal generators operating up to 60GHz are difficult to obtain, so both an on 

chip 60GHz voltage-controlled-oscillator and an external port for a 40GHz signal generator have 

been designed into the test chip.   

 

To generate the equidistant phases, a looped differential two stage shift register circuit is used. 

By using digital logic techniques, a 25-75 clocking scheme can be derived to drive the sub-ADC 

channels. This method for multiphase clock generation is highly flexible, as phases for more 

channels can be added by increasing the number of stages in the shift register.   

 

Due to clocking constraints, most interleaved designs do not use more than several phases, 

however there have been converters that have been published with up to 80 separate channels 

operating at MHz speeds [1].  The 60 Gs/s 4-bit ADC presented in this thesis uses four 

interleaved phases operated at 15Gs/s each.  
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1.4 Applications for interleaved A/D converters  

A/D converters with very high sampling rates have applications in digital radar, satellite 

communications, and high speed oscilloscopes. Figure 4 demonstrates the traditional type of RF 

receiver, as well as the ones applicable to high speed ADC‘s.  

 

Figure 4. Types of receivers. Traditional (top), software defined (bottom left), software radio (bottom right). 

 

The superhetrodyne receiver is the traditional analog receiver, with much analog signal 

processing already accomplished before reaching the ADC stage. The software defined radio 

(SDR) and software radio (SWR) are two receiver designs that can take advantage of faster 

signal processing. With sufficiently high sampling rates, converters can begin taking the place of 

analog components such as low noise amplifiers (LNA‘s) and mixers, saving power, cost, and 

hardware complexity in any design. RF signals are broadcast at very high frequencies, which are 

usually out of reach of A/D converters, which is why the LNA‘s and mixers are needed so that 

the baseband signal can be extracted for a slow speed A/D to process. If the A/D has a sampling 

rate fast enough, all of the analog components can be replaced, leaving just the antenna and A/D.  
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As tuned analog devices, LNA‘s and mixers are tuned for single or dual band applications, and 

thus are inflexible for receiving other frequencies. The use of a front end A/D in a SWR design 

removes this limitation, so a much wider array of frequencies can be received.  

1.5 ADC Performance Metrics 

The common ADC performance metric definitions are presented below: 

 

1.5.1 Signal to Noise Ratio (SNR) 

The signal to noise ratio is the relationship between the RMS value of the signal vs the noise, 

given by Equation 1. The mean square value of the single is the signal power.  It can be used to 

calculate the bit accuracy of an ideal ADC using Equation 2.  
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1.5.2 Spurious Free Dynamic Range (SFDR) 

The spurious free dynamic range represents the ratio of the RMS value of the fundamental signal  

vs the RMS value of the worst undesired frequency spur across the entire frequency spectrum.  

Its value is most often in dBc (dB, with respect to the carrier frequency). 

1.5.3 Signal to Noise and Distortion (SINAD) 

SINAD is the ratio of the fundamental signal to the noise and distortion component, which is a 

measure of the sensitivity of the device. 
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SNR log20    Equation 3 

1.5.4 Effective Number of Bits (ENOB) 
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1.5.5 Integral Non-linearity (INL) 

INL is a static ADC metric of the maximum deviation from a given location when a straight line 

is drawn from the end points of the analog range. The definition of INL is described in detail in 

[6], with the equation as follows: 

 
120,
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VV
INL    Equation 5 

 

VLSB_Ideal is the value of the ideal step size, VD is the actual value of the current step, VZERO is the 

minimum analog input code value, and N is the number of bits.  

 

1.5.6 Differential Non-Linearity (DNL) 

DNL is the maximum deviation in the difference between two consecutive code transition points 

from the ideal value of 1LSB. The definition of DNL is also described in detail in [6], with the 

equation as follows: 
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VLSB_Ideal is the value of the ideal step size, VD is the actual value of the current step, VD+1 is the 

actual value of the next step, and N is the number of bits.  
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2 ADC Architectures Overview 

There are numerous analog-to-digital (ADC) architectures, each having advantages for a 

particular task. There are distinct tradeoffs between accuracy and speed. With the research aimed 

at ultra high speed conversion, the three fastest ADC architectures are described in the following 

sections.   

2.1 Flash Architecture 

The flash architecture yields the highest performing converters in terms of conversion speed. 

However the transistor count, layout size, non-linear input capacitance, and power consumption 

are serious drawbacks for this architecture as the bits of accuracy increases. Flash A/D 

conversion is a purely parallel technique, implemented by passing the analog signal to numerous 

comparator circuits simultaneously, each circuit determining whether the analog value is higher 

or lower than a specified reference value, and then encoding the output into a binary number. 

 

Figure 5. Basic Flash ADC Structure 

The number of comparators needed for a targeted bit accuracy by Equation 7, where n is the 

number of desired bits and comp is the number of comparators needed. The number of resistors 

needed to generate the proper reference voltages for a set number of bits is determined by 

Equation 8, where res is the number of resistors needed. 

12  ncomp     Equation 7 
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12  nres     Equation 8 

The ideal output of a flash comparator array is a series of 1‘s followed by a series of 0‘s dubbed 

the thermometer code. The location of the 0 to 1 transition represents the value of the analog 

input, which can be generated into a binary value through the use of a binary encoder.   

2.1.1 Interpolation 

 The use of interpolation is an effective way of doubling the effective resolution of the converter 

while maintaining the same number of comparator ladder voltage steps. By sharing pre-amplifier 

outputs, the number of voltage levels is effectively doubled while maintaining the same input 

capacitance, power, and layout size of a n-1 bit ADC. This method also improves the DNL of the 

converter due to distribution of errors.  

2.1.2 Limits 

Metastability, or the inability of a comparator to come to a determination within a given time 

period, and the resulting sparkle codes in the comparator output is the major limiting factor of 

the speed of a flash converter.  

 

Fluctuations in the power supply voltage, slight differences between comparators or comparator 

components can lead to multiple 1 to 0 transitions, which appear as "bubbles" in the thermometer 

code, and when left uncorrected will result in incorrect values at the output. These problems a 

magnified when operating at high speeds, since the settling time window shortens as the 

operational frequency increases. 

 

Several methods have been developed to mitigate these effects, including the addition of a 

sample-and-hold amplifier in the front end, use of Gray encoding, and bubble suppressors. S/H 

amplifiers help the problem with metastability by providing the comparators with a flat voltage 

for a set duration to perform the comparison with rather than a changing one. Gray encoding 

limits the significance of the errors due to metastability by minimizing the effect on the output of 

one erroneous bit.  
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When used without a sample-and-hold amplifier, the bandwidth of the comparator must be at 

least twice the frequency of the highest analog signal.   

2.2 Two-step and Folding Architectures 

The two-step and (2 x) folding ADC‘s are the second fastest architectures in terms of conversion 

speed but are capable of achieving higher bit accuracy and much lower power consumption than 

similar flash designs. Both of these concepts utilize sub-A/D converters, but in different ways. 

2.2.1 Two-step ADC 

The two-step ADC arrives at the final result in two steps, first via coarse ADC then a fine ADC. 

Most commonly the sub-ADC‘s are flash converters, but they do not have to be. The architecture 

provides a significant advantage with power and physical size when compared to the flash 

converter of the same accuracy; however the performance is less than half as fast due to the need 

for two clock cycles to perform a full conversion and the time for the intermediate D/A 

conversion.   The number of comparators needed for a two-step ADC using two flash sub-ADCs 

can be defined using Equation 9, where  n is the number of bits for the first flash sub-ADC and 

m is the number of bits for the second flash sub-ADC.  

)12()12(  mncomp    Equation 9 

 

For a 6 bit converter, the difference would be 63 comparators to 14 comparators (7+7) if both 

sub-ADC‘s are 3 bits.  The difference is even greater when the desired accuracy increases; an 8-

bit ADC would be 255 comparators to 30! 

 

For applications that need moderately high speed conversion, this architecture is a favorable 

compromise in terms of speed, resolution, and power consumption [7]. The block diagram of the 

two-step architecture is shown in Figure 6.  
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Figure 6. Basic two-step ADC structure. 

 

On the first clock, the analog value is held by the sample and hold amplifier and the coarse 

quantization of the analog value occurs. Immediately after, the coarse quantization is reconverted 

through a DAC and subtracted from the held analog value, resulting in a signal representing the 

quantization error of the coarse stage. The sub-DAC needs to have a resolution equal to that of 

the entire ADC to generate an error signal of the proper accuracy. With the second clock cycle, 

this error signal is used as the input to the second (fine) flash ADC stage, which determines the 

lower three bits of the total ADC output. A diagram illustrating the coarse and fine stage 

differences of this architecture is shown below in Figure 7.  

 

Figure 7. Concept of two-step architecture. 



 17 

The secondary flash converter would need a resolution 22

n

greater than the first ADC if it were to 

directly digitize the quantization error of the first stage. To ease the resolution requirements of 

the second stage, the voltage representing the first stage quantization error is often amplified by a 

factor of 22

n

 so that it spans the range of the full scale input. This allows for the coarse stage 

flash converter to be reused for the fine stage.  

 

The primary limiting factors for the two-step design is the signal delay from the first sub-ADC 

through the DAC, linearity of the amplifier, and settling time for the subtractor and amplifier.  

For this architecture to function properly the hold time for the sample-and-hold must exceed the 

processing delay through the first sub-ADC and settling time for the subtractor otherwise the 

subtractor cannot properly take the difference between the original signal and the coarse 

converted bits. 

2.2.2 Folding ADC 

The folding ADC inherits the one step nature of the flash ADC by having a coarse ADC 

operating in parallel with several folding cells [8 ]. The folding cells are used for analog 

preprocessing before the comparators so that the number of comparators can be drastically 

reduced. The number of comparators is determined by equation 10, where M is the number of 

folds and n is the number of bits that the ADC has.  

     
m

comp
n2

      Equation 10 

The ADC uses the reference ladder of the flash ADC, but passes each of the different voltage 

levels onto a folding cell instead of a separate comparator for each voltage level. The amount of 

folding that occurs is the folding factor, and determines how many of these cells are used.  The 

most significant bits determined by the coarse ADC are used in the decoder to distinguish which 

segment of the fold is being considered. The full scale input/output plots of it are illustrated 

below in Figure 8. 
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Figure 8. Example of Folding ADC output range. 

 

One folding cell can take the place of several comparators and thus saves physical layout space 

and power consumption; however the major drawback of this architecture is maximum analog 

input speed. Each fold that is used doubles the bandwidth requirements of the folding cells. At 

very high speeds, non-linearity around the crossing points also affects the output.  

2.3 Pipelined Architecture 

Pipelined ADC‘s are similar in nature to two-step ADC‘s, but use many more stages with fewer 

bits per stage in a sequential fashion to achieve high bit rates. Each stage contains a sample and 

hold amplifier, n-bit sub-ADC, a sub-DAC and a summing node. Figure 9 illustrates the block 

diagram of a pipelined ADC. The resolution of a pipelined ADC is given in Equation 11, where 

the in the ideal case equals the number of bits per stage multiplied by the length of the pipeline 

but normally is less than that due to some of the extra bits of the stages being used for error 

correction.  

     Lnresolution *    Equation 11 

Each stage can be any number of bits, but most recent work [ 9 , 10 ] has been using the 

1.5bit/stage or 2.5bit/stage architecture, with the extra .5 bit used for detecting overlap errors 

between stages.  
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Figure 9. Basic pipelined ADC structure. 
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3 ADC Component Design 

This section describes the design of several components that, when assembled, form a complete 

A/D converter. While the rudimentary design of a flash ADC does not require the use of a 

sample-and-hold amplifier, one is needed to relax the bandwidth requirements of the 

comparators for higher speed operation.   

3.1 Sample and Hold Amplifier  

The sample and hold amplifier is used to decrease the settling time requirements for comparators 

so that faster input signals can be used than would otherwise be possible. It is critical to the 

overall performance of the ADC, as it determines the maximum speed and accuracy of the 

analog signal to the digital back end. In literature there is some ambiguity between sample-and-

hold (S/H) amplifiers and track-and-hold (T/H) amplifiers. The most common type of such 

amplifier follows an input waveform when the clock is low, then holds the voltage the instant the 

clock goes high. This is a typical T/H hold amplifier, but is also referred to as an S/H amplifier in 

many pieces of literature. There is also a current based S/H architecture that converts the voltage 

to a current and storing that, as presented in [11]. It is this type of architecture that the research 

originally began with.   

 

Throughout this thesis, both the track-and-hold and sample-and-hold architectures will be 

referred to as sample-and-hold.  
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3.1.1 Original Sample and Hold Amplifier Architecture 

 

Figure 10. Original sample-and-hold amplifier – schematic (modified from [11]).  

 

The architecture presented in Figure 10 device is an integrator, converting the input voltage into 

a finite amount of current through the use of a strobed clock. The width of the strobe in 

proportional to the accuracy of the device, since it equates to the width of sampling window from 

which the voltage sample is taken. When the clock is on, a quantity of current proportional to the 

analog input voltage flows into the charging capacitors. The current is then drawn out of the 

capacitors when the clock is off, and the process is repeated once all the charge is depleted from 

the capacitors. The time it takes for the capacitors to fully discharge determines the maximum 

speed at which the sample and hold architectures can operate. Simulated results yield maximum 

speeds near 10 GHz when using 8HP HBT devices.  

3.1.2 fT-doubling Sample and Hold Amplifier Design 

The fT-doubling circuit configuration was patented by Carl Battjes [12] in 1973. It is different 

from the standard CML buffer-amplifier in that current through the output resistors is divided 

between two pairs of parallel transistors. The base contacts of the central transistor pair are tied 

to a common mode voltage, so when differential input signals arrive at the base of the input 

transistors, the fT doubling transistor pair turn on or off in compliment, drawing the same amount 
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of current through the output resistors with transistors half the size. Its performance is analyzed 

in [13], showing that the current gain is twice that of a standard CML buffer for the same size 

transistor. This configuration has the advantage of halving the input capacitance of a standard 

CML buffer-amplifier while maintaining the same current, since of the two transistors drawing 

current, only the input capacitance of one is visible from the source.  

 

The fT-doubling amplifier has double the output capacitance of a CML buffer-amplifier, due to 

the doubled emitter and collector areas, in addition to the Cμ and Cπ capacitances from the 

second transistor pair. This extra capacitance has the effect of causing a lag in the voltage 

transfer characteristic, since transistor pair set at the common mode voltage must go through the 

process of discharging and charging as their differentially matched input signals switch. The 

external transistor turns on as soon as its internal Cπ charges, whereas its collector-coupled pair 

must wait until the Cπ of its emitter coupled transistor discharges. Although both standard CML 

buffers and the fT-doubling buffer have an active voltage pull down and a passive pull up, the 

increased parasitic capacitances of the fT-doubling amplifier increases the fall time of the 

waveform, resulting in a more symmetric waveform than the CML buffer. Due to the higher 

output capacitance, fT-doubling buffer using half sized transistors has slightly lower -3dB 

bandwidth than a CML buffer with full sized transistors. Thus, it is not useful for extending 

bandwidth, but rather for its symmetric nature, high current capacity, and input capacitance trade 

off.  

 

This fT-doubling configuration has been extended to the original S/H amplifier architecture to 

create a fT-doubling S/H amplifier, shown in Figure 11. This amplifier operates using the same 

concepts presented above; however has the benefit of drawing twice as much current into the 

hold capacitors for the same sampling time interval as the original architecture.  

 

The simulations of this amplifier characterizes the ideal best case performance without taking 

into account effects such as thermal changes, power supply switching noise, and clock phase 

jitter. Spectral analysis of the simulated data of the IBM 7HP kit with 4 way interleaving has 

shown that analog input signals up to 4 GHz can be sampled at the Nyquist rate with 16 bits of 

accuracy.  
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Figure 11. fT-doubling sample-and-hold amplifier schematic. 

 

The frequency spectrum of a fT-doubling sampler architecture sampling a 1 GHz analog 

waveform at the Nyquist rate is shown in Figure 12. The accuracy of this S/H architecture has 

been simulated to be very high; however there are several limitations that prevented its use. 

 

 

Figure 12. Frequency spectrum of a 1 GHz waveform, sampled at 2 GHz. 

 

The limitations to this architecture are the accuracy of the strobed clock and the RC based decay 

of the held signal.  To maximize the accuracy, the width of the strobed clock must be kept at a 

minimum, with very sharp rising and falling edges. Due to the integrating nature of the 

architecture, current that is proportional to the analog input voltage at the time when the clock is 
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high will be stored in the holding capacitor. It is extremely important that the clock on time is 

minimized for ultra high speed waveforms, otherwise the accuracy will be lost if the change in 

voltage is greater than 1 LSB over the duration of the clocking period. This relationship is 

illustrated in Figure 13. Increasing the amount of current that flows into the capacitor with the fT-

doubling architecture can help boost performance by allowing for a shorter on time to achieve 

the same amount of stored charge, however allowing for more current to be stored with the same 

on time for the strobe clock is actually detrimental to the performance as described in the 

following section.   

 

Figure 13. Effects of strobe pulse width. 

The amount of charge that can be held is determined by the size of the charging capacitor. This 

value must be set high enough so that a full scale input voltage will not saturate the holding 

capacity of the capacitor, but yet have enough time for the capacitor to discharge before the next 

sample is taken. If charge still remains in the holding capacitor at the start of the next charging 

cycle, it will result in a sampling error, since the charge in the capacitor will be proportional to 

the sample plus whatever was left over from the previous sample. The RC decay determines the 

maximum operating frequency of this architecture, and is unrelated to the process technology.  

Due to these limitations, neither of these integrating sample and hold architectures were used in 

the final design.  
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3.1.3 Switched Emitter Follower Architecture 

The Switched Emitter Follower (SEF) architecture was chosen as the revised architecture over 

the diode-bridge sample-and-hold architecture for its ability to operate at very high speeds while 

maintaining good linearity, as well as the lower power supply voltage. This type of architecture 

was first presented by P. Vorenkamp, J. Verdaasdonk in [15]. 

 

Figure 14 shows the schematic of the S/H amplifier, consisting of a differential input buffer and 

S/H switches, and an output buffer.  Due to the wideband nature of the design, a resistor is used 

to connect the emitters of the input transistor pair and provide degenerative feedback to maintain 

the linearity of the input buffer. A fully differential configuration is used to alleviate common 

mode noise and eliminate even-order harmonics. The output of the buffer is passed to the track 

and hold switch, which consists of 3 transistors, a charge holding capacitor, and a current source 

controlled by a reference voltage. All the transistors are biased for maximum fT, and the size of 

the emitter follower switched HBT is as minimized so that the analog feed through via the base-

emitter capacitance is kept at a minimum as well. To further reduce the analog feed through, 

feed-forward capacitors (shown as CFF) are used.  

 

Figure 14. Schematic of 60Gs/s Sample and Hold Amplifier. 

 This architecture does not suffer the same RC delay limitations as the integrating S/H, since it is 

a voltage based approach and hence not necessary for the capacitor to fully discharge before each 
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new sample. It acts like a switch, tracking the analog voltage while it is in sample mode and 

latching onto the voltage when the clock changes.  The size of the holding capacitor determines 

the voltage droop rate of the circuit‘s hold performance and the bandwidth, but the two aspects 

are inversely related.  

 

The plot below in Figure 15 shows the difference in the feed-through characteristics of the 

sample and hold amplifier with and without the feed-forward capacitors. For normal operation 

the sampling clock runs up to 60GHz, however to measure the influence of the additional 

capacitors, the sampler clock has been set to switch a single time from hold mode to sample 

mode.  In this example, a 30GHz sine wave is fed into the input. The plot of the circuit without 

the feed-forwarding capacitors shows a 30GHz ripple of 7.8mV whereas the with the feed-

forward capacitors the ripple is less than 1mV.  

 

Figure 15. Feed-forward capacitance effect in the sample and hold amplifier. 

 

This 7.8mV to 1mV difference is significant, since having a peak-to-peak input voltage of 

500mV; 7.8mV is a nearly one LSB at 6-bits of accuracy whereas 1mV is only 12.8% of 1 LSB. 

 

Transient simulations also indicate the maximum speed of the sample-and-hold amplifier. In 

Figure 16 and Figure 17, simulations have been run with the sampling clock at 40GS/s and 
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60GS/s. At 60GS/s the flat plateau during the hold mode is notably degraded, so additional 

simulations were run to determine the influence of the clock on the amplifier. The left column 

uses the actual clock from the Colpitts oscillator, and the middle and right columns use ideal 

clocks with different increasingly sharper rise and fall times.  

 

Figure 16. 40Gs/s sampling of a 10GHz signal. 

 

Figure 17.  60Gs/s sampling of a 10GHz signal, using 3 different clock sources. 

A decrease in the size of the hold capacitor does help the frequency response of the sampler, 

however the droop rate of the held signals increases. The 130fF capacitors used in the design are 

the decent tradeoff between maximum speed and droop rate. 
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Figure 18 shows the difference output of a 60Gs/s sampler sampling a 3GHz signal.  

 

Figure 18. Difference output of 60Gs/s sampling of a 3GHz signal. 

 

AC simulations in Spectre show a 3dB bandwidth of 30GHz for this amplifier, as shown in 

Figure 19. The input compression vs input frequency of the 60Gs/s sampler has been simulated 

for signals up to 30GHz, and show a P1dB of -4dBm up to 12GHz and no lower than -10dBm 

throughout the rest of the range. 

 

Figure 19. Input AC bandwidth for sample and hold amplifier. 
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Figure 20. P1dB vs Frequency plot for 2GHz – 30GHz range 

 

The output buffer stage in Figure 14 increases the driving capability of the amplifier; however it 

also introduces a CML level 3 signals, which requires an increase in the power supply voltage to 

-3.4V in order to maintain adequate headroom. The rest of the digital BiCMOS logic uses a -

2.5V power supply in order to minimize the power consumption of the circuit, so dual voltages 

are needed for the entire converter to function. 

 

The accuracy of the sample and hold amplifier at different clock speeds is shown below in Table 

1. The values of the hold time in the table are the total clock time subtracted from the average 

settling time.  

 

Sampling 

Clock 

Hold Time Pedestal 

Error 

6-bit accuracy 

(500mV) 

7-bit accuracy  

(500mV) 

10Gs/s 35ps 3.654mV 0.467 LSB 0.935 LSB 

5Gs/s 95ps 2.3mV 0.29 LSB 0.588 LSB 

2.5Gs/s 150ps 2.0mV 0.256 LSB 0.512 LSB 

Table 1.  Sample-and-Hold Amplifier accuracy at different speeds 
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The simulated INL of the sample-and-hold amplifier with a ramped input voltage is shown in 

Figure 21.  

 

Figure 21. INL of sample-and-hold amplifier at 7-bit resolution. 

With a differential design, the second harmonic can be ignored. To calculate the effects of the 

third harmonic (HD3), we use the equation from [14] where Fin is the input frequency, Ic is the 

bias current, Vp is the peak amplitude, Vt is the thermal voltage, and Cs is the sampling 

capacitance.  
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Substituting values of Ic=12mA, Vp = 500mV,Vt=.65, Fin=30GHz, and Cs=105fF, the 3
rd

 

harmonic is calculated to be -24.3dB.   

 

With the 8HP SiGe technology, 6-bit accuracy has been achieved with sample rates of up to 60 

GSample/s. Published papers for this architecture, as found in [ 15 , 16 , 17 , 18 , 19 ], have 

implementations in SiGe and InP with measured operating at speeds of up to 40GS/s. 
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Reference fsample 

(GS/sec) 

Accuracy Bandwidth 

(GHz) 

Input 

(Vp-p) 

Supply 

Voltage 

Pdissipation 

(mW) 

Size 

(um) 

Process/fT 

( - /GHz) 

This work 60 6 30 0.5 -3.4 98 0.13 SiGE/200 

[16] 18 5 7 1.0 3.5 128 0.18 SiGe/120 

[17] 12 8 5.5 1.0 3.5 700 0.25 SiGe/200 

[18] 12 3 14 1.0 -5.2 390 -- InP/120 

[19] 40 4 43 0.6 3.6 540 0.18 SiGe/160 

[20] 30 6 7 --- 1.8 270 0.13 CMOS 

Table 2. Performance Comparisons for Sample-and-Hold Amplifier 

Simulations of the sample-and-hold running at 60Gs/s sampling a 14.9 and 29.9GHz signals are 

shown below in Figure 22. For the 29.9GHz waveform, the value of the 3rd harmonic is similar 

to the value found in the hand calculation.  

 

Figure 22. 60Gs/s sample-and-hold amplifier sampling a 14.9GHz signal (left) and 29.9GHz signal (right). 

Figure 23 shows the layout of the SEF sample and hold amplifier. The black squares are two 

banks of 4 transistors acting as feed forward cancelling capacitors (CFF) in Figure 14. The dot-

dash line is the block containing sampling clock input transistors, and the dashed block is the 

main body of the sample and hold amplifier.  The holding capacitors are shown near the top of 

the picture. The single capacitor below them is connected to the DC Vref signal, to minimize 

voltage fluctuations on that line. 

The main body of the design has been made symmetrical to minimize differences in the 

differential wire lengths. The clock input transistor block is symmetrical with itself, but not with 
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the rest of the amplifier so that it the wire lengths of the clock input lines that feed it can easily 

be made the same length.  

Overall the design uses about 28mA, and has a layout size of 135um x 70um. 

 

Figure 23. Sample-and-Hold Amplifier – Layout 
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3.1.4 8XP vs 8HP comparison 

The IBM 8XP library has HBTs with fT of up to 350GHz. The 8XP kit is an early preview of the 

HBT transistors found in the upcoming IBM 9HP BiCMOS kit, and early models have been 

made available to us since November 2008. Simulations have been run to show the potential 

performance increase in the future of this sample-and-hold design. The 8XP simulations 

presented in this paper were run by using the new transistor model on the existing design, and 

show roughly a 30% performance in frequency response. The biasing resistors have not been re-

tuned for optimal biasing current, which should yield further speed improvements. Figure 24 

shows the cutoff frequency (fT) compared to the current densities of the 7HP, 8HP, and 8XP 

kits. Typically for fastest speed the HBT‘s are biased at their peak current.  

 

 

Figure 24. fT vs current density curves of 7HP, 8HP, and 8XP and their tradeoffs. 

 

The figure shows tradeoffs that can be made with a faster kit. By using the 8XP transistors as 

drop in replacements in an 8HP design, the performance moves from the starting point to the 

point indicated by #1. If the current was biased optimally for 8XP, the speed improvements 

would move towards the point indicated by #2 and to maintain the same performance levels as 
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8HP using 8XP transistors, we could save a significant amount of power and move toward point 

#3 on the graph.   

 

Figure 25 and Figure 26 present the same sample-and-hold architecture simulated using the 8HP 

and 8XP HBT models, to show the performance increase that the new kit may yield. Figure 25 is 

the bandwidth plot of the sample-and-hold amplifier simulated under the different conditions. 

The baseline simulations use the standard 8HP technology. The line marked 8XP (#1) is the 8XP 

HBT transistors used as a drop in replacement for the 8HP design. It would match point #1 in 

Figure 24.  

 

 

Figure 25. Simulated bandwidth plots of the sample-and-hold amplifier using 8HP and 8XP kits. 

 

Figure 26 shows the transient simulations of a differential simulation between 8HP and 8XP at 

sampling rates of 40Gs/s and 60Gs/s. The benefits of a much flatter pedestal due to the increased 

switching speed of the 8XP models are clearly visible in each case.  
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Figure 26. Transient simulations at 40Gs/s (a) and 60Gs/s (b) of a 10GHz input sine wave. 

 

3.1.5 Secondary Sample-and-hold Amplifiers 

The secondary sample-and-hold amplifiers utilize the same design as the primary S/H amplifier, 

but do not need to operate at the full speed. To improve their hold mode droop performance, 

their hold capacitances have been increased to 350fF. This maintains a bandwidth greater than 

15GHz while greatly improving the droop rate. Simulated waveforms of the secondary amplifier 

sampling a 9 GHz input waveform are shown below in Figure 27, and a measured waveform 

from the 8HP-4 fab of it sampling 700MHz signal at 5Gs/s is shown in Figure 28. Capturing the 

transient waveform using a sampling oscilloscope proved to be challenging since it requires 

synchronizing two clocks due to the nature of the scope.  

 

Appendix A details the techniques for accomplishing the task.  
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Figure 27. Sample-and-Hold Amplifier simulated waveform at 9 Ghz 

 

 

Figure 28. Measured sample-and-hold waveform at 5Gs/s. 
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3.1.6 Sample and Hold simulation procedures for Spectre 

The accuracy of an ADC and the sample-and-hold amplifier can be obtained by using FFT 

simulations using the Spectre simulator. The best way to do this is to use coherent sampling, 

which is a relationship between input frequency, sampling frequency, number of cycles, and 

sampled set such that the input power in an FFT can be contained in one FFT, so that one does 

not have to using any windowing functions in the FFT. Windowing simulated data is not a good 

idea since there are so few data points compared to a real world measurement.   

Coherent sampling is guaranteed by using the following equation: 











sDataSample

Ncycles
FF Samplein          Equation 13 

Where Fin is the input frequency, Fsample is the sampling frequencies, Ncycles is a prime number, 

and DataSamples is always a multiple of 2, and sets the FFT gain.  

 

The DataSamples needs to be large enough to see the worst spurs to measure SFDR. The FFT 

gain can be found using the following equation: 
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sDataSample
LogFFTgain        Equation 14 

If the DataSamples is 1024, the FFTgain = 27dB. Using Equation 2, a 4-bit ADC has an ideal of 

SNR of 25.84dB, an 8-bit ADC has an ideal SNR of 50dB. With this, the largest spur that can be 

observed in the simulation on a 4-bit ADC would be 27dB+ 25.84dB = 52.84dB, and 77dB on an 

8-bit ADC. 

 

Once the number of DataSamples is determined, to find a prime number for Ncycles that is closest 

to the desired Fin, one can solve Equation 13 for Ncycles then select the prime number nearest to 

that result. Once that number is obtained, Equation 13 can be used once again to find a suitable 

value of Fin given the prime number of Ncycles. 

 

It is important to allow the initial transients to die out before considering the data points as valid. 

If initial transients take 4ns to flatten out and the sampling frequency is 60GHz, then 4n/(1/60E9) 
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= 240 data points. For 1024 valid DataSamples, the simulation would need to be run for 1264 

total points, and for (1/60E9)*1264 = 21.06666ns of simulation run time.  

 

The data from last 1024 samples in the simulation can be used as valid data. Select the data from 

the center of each of the samples and use that in the DFT function of the Spectre calculator. To 

make selection of the center data points easier, the ideal SAH (sample and hold amplifier) from 

the ahdlLib can be used, with the period set to the sampling frequency and the starting delay set 

to the time from when the transients die out and the last 1024 points begins.   

3.2 Reference Ladder Design  

A fully differential reference ladder has been used in place of the singled ended reference ladder 

design of the first 8HP design. The differential configuration helps minimize the effect of the 

analog feed through as well as helps isolate the substrate noise from the active circuit.  The basic 

design consists of a wideband linearized differential amplifier with a series of single load 

resistors that are symmetrically cross connected to differential comparators. Detailed 

mathematical analysis of this structure can be found in [21], where it is shown that a loaded 

differential reference ladder results in gain error rather than nonlinearity.  The input value of the 

n
th

 comparator can be found using Equation 15. 
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                         Equation 15 

    

N is the total number of comparators, A is the overall gain of the amplifier, R is the nominal 

value of each series resistor, and Io is the current. The comparators themselves consist of a 

common collector amplifier tied to a high gain differential amplifier, followed by the traditional 

CML latch.  

 

The schematic and layout of the differential reference ladder is shown in Figure 29. The 

resistances (marked as ‗R‘) of the differential tree are around 10 Ohms. It is important to 

complete the physical layout in such a way to minimize the effects of process variations. Larger 
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dimensions have been chosen for the resistors to minimize the percentage error due to physical 

size differences of the resistors as well as prevent the current rating of a given resistor from 

being exceeded. The resistors that are used in the reference ladder are in the center of the layout, 

and are 10um x 6.5um each.  

 

           

Figure 29. Differential Reference Ladder – schematic and layout 

3.3 Comparator Design 

To minimize the effect of input capacitance from large numbers of pre-amplifiers on the 

reference ladder, the technique of interpolating preamplifier outputs has been applied to generate 

intermediate crossover points to double the effective resolution from 3 bits to 4 bits without the 

use of additional pre-amplifiers.  

 

With the flash architecture, the comparator performance determines the maximum speed of the 

sub-ADC. The 25/75 clocking scheme helps by increasing the stabilization time at 15GHz 

(60GHz/4) to 50ps from 33ps. The speed at which the comparator arrives at a decision 

determines the maximum speed at which the ADC can operate. The plot shown in Figure 30 

shows the stabilization time vs input voltage difference.  The clock speed at 15GHz equates to 

67ps per cycle, thus the maximum time for a comparison to be made is around 50ps. This ability 
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to distinguish a 20mV input difference is why the maximum resolution of the flash converter is 

only 4-bits, given a 500mV voltage swing.  

 

Using a maximum input voltage swing of 500mV, Equation 16 finds the maximum voltage 

difference where a determination can be made given an amount of stabilization time.  

 

     differencen
V

Vin


2
    Equation 16 

 

This result then can then be compared to the comparator performance to see the maximum speed 

vs. accuracy that the A/D can obtain. With a 50ps window, the minimum voltage step that will 

yield a determinate value by the comparator in 8HP is 20mV. When entered in the equation it 

equals 4.6 bits, rounded down to 4 bits. At 4 bits, the minimum voltage  difference is 31.25mV 

for which a valid result can be achieve with only 30ps of settling time; which is well within the 

margin of error.   

 

 

Figure 30.  Comparator Output time vs Input voltage difference. 
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Figure 30 includes simulated data for the 8XP transistors as drop-in replacements as well. As 

expected, the 8XP model simulations show faster switching times for small input voltage 

differences than 8HP. Switching times as low as 30ps for 12mV input voltage difference are 

presented. For an identical input voltage swing, 8XP devices should be able to resolve 6 bits at 

the same frequency. 

3.4 Digital Post Processing 

The digital post processing circuitry suppresses errors in the thermometer code and converts it 

into a binary output. At high speeds, metastability and bubbles in the thermometer code are 

common due to small differences in manufacturing and the time it takes for a comparator to 

arrive and a decision. The farther apart the two voltages are, the faster a comparator will arrive at 

a stable output. Metastability occurs when the input voltage and reference voltage are near each 

other, while results in a delayed or indecisive output from a comparator. The effects from gain 

errors and indecisive comparator output are minimized through the use of a bubble suppressor 

circuit and one-of-n encoder.  

3.4.1 Bubble suppressor and One-of-n encoder  

A one-of-n generating bubble suppressor is used to suppress the effects of metastability and 

bubbles in the thermometer code, by checking the output of the two previous thermometer code 

stages before arriving at an output. Perfect thermometer code yields a sequence of 1‘s followed 

by a sequence of 0‘s, with only one point where the values switch from 1 to 0.   Thermometer 

code with errors contains more points where the code changes from 1 to 0 and 0 to 1. With this 

configuration, two bubbles in a row must be present for the output to be affected: For example a 

code of 111000 would result in the output of 001000, a code of 101000 would still result in the 

output of 001000, but a code of 101010 would result in the (incorrect) output of 000000.  

 

The one-of-n encoder simplifies the conversion to binary, since the output of the one-of-n 

generating bubble suppressor provides a single 1 amongst many 0‘s for each of the output 

possibilities of the thermometer code.  Figure 32 is a schematic of the 3-bit bubble suppressor 

coupled with the one-of-n encoder.  
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Figure 31. Schematic of 3-bit flash bubble suppressor and one-of-n binary encoder. 
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3.5 Digital-to-Analog Converter design 

A binary Digital-to-Analog (DAC) converter has been designed and used for the testing of the 

ADC design. A high speed DAC is useful at the output of the converter designs so that the 

frequency spectrum of the converter can be measured by a spectrum analyzer to determine the 

performance metrics. The accuracy of the DAC must be higher than the accuracy of the 

converter for this method to work. There are several traditional styles of digital-to-analog 

converters including the weighted-capacitor, potentiometric, and R-2R topologies. The R-2R 

architecture is the most widely used style for integrated circuits, and has been chosen for 

implementation because of its fastest response time and ability to be fabricated with a high 

degree of accuracy.  

3.5.1 R-2R Architecture 

The R-2R DAC architecture is the most prolific of the D/A architectures converters. It contains a 

string of resistors in a ‗T‘ configuration, where the resistance values at the base of the T is twice 

the value of the resistors at each end of the ‗T‘. Circuit analysis shows that the current through 

the stem of the ‗T‘ at one end of the resistor string propagates in a binary fashion presented in 

Equation 17.  

no InIII )(2...42 21     Equation 17 

 

In a binary fashion, the most significant bit (MSB) would be represented by Io and the least 

significant bit (LSB) would correspond to In.  

 

As a current approach, this architecture can be applied to the top or bottom of a CML differential 

current tree. Early versions used the binary-weighted current sinks at the bottom of the current 

tree to determine the analog voltage. This style needs to have the emitters of the binary weighted 

current sinks to be scaled in a 2
n
 fashion as well, so that the voltages at the upper nodes are at the 

same voltage level. Emitter scaling in this fashion is acceptable for a low resolution DAC, 

however as the resolution increases, the transistor sizes needed for the circuit to function 
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properly soon becomes unmanageable. A schematic of this architecture is shown in Figure 32.  

Simulations of this configuration have shown that the amount of switching noise is severe at high 

speeds. The cause of the excessive noise is the collector current to switching speed relationship, 

with the amount of current flowing through a CML current tree also determining the speed at 

which the differential transistors switch. By reducing the currents in all but the MSB tree in this 

architecture, the speed at which the transistors of each CML tree switches becomes progressively 

slower, based on the ic vs fT chart on Figure 2.  

 

Figure 32. First version of the R-2R DAC. 

 

An improved version of a differential R-2R DAC was implemented by incorporating the R-2R 

configuration on the top of the CML current trees, thus maintaining constant current throughout 

the all the trees. This configuration is shown in Figure 33 and has much improved simulation 

results, with only minor glitches at significant switching points but otherwise being linear.  
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Figure 33. Current schematic of the R-2R DAC. 

 

The simulation results of both these DAC designs using a 8-bit counter with a 16 GHz clock 

(62.5 ps LSB) are presented in Figure 34. The top simulation (A) is the first R-2R DAC and the 

bottom simulation (B) is the final version.   

 

     

Figure 34. Simulated output waveforms of (A) First R-2R DAC and (B) Final R-2R version. 
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Since the revised R-2R design has much better simulated performance, it was the one that was 

chosen for fabrication. Figure 35 presents the measured waveform of the R-2R DAC fabricated 

using the 7HP technology with an 8.5GHz clock.  

 

 

Figure 35. Measured R-2R DAC waveform from the 7HP fab. 

 

SNR plots can be used to determine the accuracy of the digital-to-analog converters. A sine wave 

is used as the input to a virtual A/D converter. It has been programmed in verilog to generate the 

digital bits, and the output of the DAC is passed through a lowpass filter to generate the 

reconstructed sine wave. Using the discrete Fourier transform function of the Spectre waveform 

calculator, a SNR plot is generated.  

 

The INL and DNL for the DAC are shown below in Figure 36. These DC characteristics show 

that it the linearity of the DAC is well within the 4 bits of accuracy.  
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Figure 36. DAC INL and DNL using a 2GHz clock. 

 

To further improve DAC performance, the concept of segmenting and master-slave operation 

can be used [22].  Segmenting involves using the R-2R architecture, but partitions the reference 

range for the least significant bits so that a lower resolution DAC can interpolate between the 

selected segments. For example, with an 8-bit DAC, the five most significant bits can be used in 

a standard 5-bit R-2R DAC, but the last three least significant bits are used as the input into a 

decoder with 7 equal current segments output. This is done in such a way that the MSB bit has 

four of the segments, MSB-1 has two segments, and the MSB-2 has one segment.  

 

Equation 18 illustrates the mathematical conversion of a segmented 5-bit DAC to 8-bit accuracy.  
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    Equation 18 

The master-slave operation of a DAC is primarily applicable for the bottom current tree R-2R 

DAC style, as shown in Figure 32.  It allows two of the bottom current tree DACs to be 

cascaded, with the LSB current of the first one reused as the total combined current of the second 

DAC.  
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3.6 Latch Design  

Master-slave latches with their outputs passed back as inputs are used as divide-by-2 frequency 

dividers. These basic building blocks can be cascaded to generate clocks of divide-by-4, divide-

by-8, divide-by-16, and so on; all of which are based off a full speed clock. These circuits are 

useful for generating a clock trigger signal. 

 

This technique for generating a synchronous low speed clock trigger signal has been used since 

early 5HP designs with no problems, however with the high speeds of 8HP designs problems 

with the circuit were noticed in several early chips. Some of the chips had several clock taps, 

such as a divide-by-8 output as well as a divide-by-32. Strangely enough, the higher frequency 

output signals on these chips would function correctly while the lower speed outputs would not.   

 

To find the source of this problem, many simulations using schematic and parasitic-extracted 

simulations of several different 8HP kit revisions were completed. The schematic and parasitic-

extracted simulations of later (and more mature) kits showed a noticeable difference in high 

frequency noise. Following simulations through consecutive stages showed that the noise 

compounded to the point where the 5
th

 divide-by-2 circuit would stop functioning entirely in the 

parasitic-extracted simulation.  

 

Figure 37 shows the differences between the simulations for a first divide-by-2 circuit and last 

divide-2 circuit in the cascade configuration. Standard CML buffers were placed in between the 

cascaded stages to lower the high frequency noise generated at each stage. This technique 

increases the power consumption slightly but appears to be very effective at fixing the problem.  
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Figure 37. Divider schematic vs extracted simulations. 

 

Simulations were also completed to view the effect of voltage on the circuits, to see if voltage 

droop could also be a contributing factor. Figure 38 shows that the high frequency noise also 

increases significantly with a lower power supply voltage, so voltage droop is likely to be a 

contributing factor as well.  

 

 

Figure 38. Divide extracted simulations using different voltages. 
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3.7 Droop Calculations 

Voltage droop is a consequence of Ohm's law, with the current flowing through the wire causing 

a voltage drop along the length of the wire due to the internal resistance of the wire. This number 

can be obtained by using two equations,  

I
R
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eq

Droop
     Equation 19 
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   Equation 20 

where L and W are the length and width of the wire respectively, and ρ and t are the resistivity 

and thickness of the wire.  

Since the resistance of wires is relatively low, small amounts of current create negligible 

amounts of droop in most wires on a chip. However power rails can suffer significant amounts of 

voltage droop since they serve as the main trunk lines for current flow to the rest of the chip.  

 

The IBM design manuals provides the resistivity per cross sectional area, thickness of the wires, 

as well as the current that can flow at given temperature. This last one is a bit misleading, since it 

is the maximum current that can flow through the wire, not taking into account the droop that 

will occur when that amount of current flows through the wire.  

 AM LY MQ M1-M4 

Thickness (um) 4.0±0.4 1.25±0.13 0.55±0.14 0.32±0.08 

IDC_MAX @ 100C 5.7(w-0.11) 1.78(w-0.04) 5.4(w-0.07) 3.12(w-0.06) 

Rs (Ω/square) 0.007±0.0014 0.023±0.005 0.0339±0.0068 0.639±0.0106 

Table 3. Top Level Metal Specifications for the IBM 8HP Kit. 

 

Combining Equation 19, Equation 20 and solving for Width yields the following equation.  
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     Equation 21 

 

This equation allows the calculation of the minimum width necessary in order to have a droop 

value equal or less than the desired voltage droop for a given amount of current draw. 

 

Tables have been developed so that the width of the top level power wires can be easily 

determined for a given set of specifications.  

 

Table 4.  Width of wires needed to maintain 20mV of droop, given Length and Current of AM, LY and MQ layers. 

 

Table 5. Width of wires needed to maintain 30mV of droop, given Length and Current of AM, LY and MQ layers. 
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With 250mV differential signal swings in CML logic, the ideal target is to have a maximum 

droop of 30mV, but values for 40mV droop have been included, so that one can see the 

significant differences in width for small differences in allowable droop.  From the tables it is 

clear that the Analog Metal (AM) has the best current carrying capacity, followed by LY and 

MQ.  

 

Table 6. Width of wires needed to maintain 40mV of droop, given Length and Current of AM, LY and MQ layers. 

 

In an early 8HP chip design there are 12 pads, 6 for power, 6 for ground. The design took 

approximately 2.5A, which equals 416mA per power pad.  The main power lines consisted of 

two rings around the chip with 50um wide lines. Short LY jumpers were needed to connect the 

ground pads to the (inner) ground ring.  The L x W of the LY jumper is 100um x 100um 

 

With this data, the amount of droop off these jumpers is significantly less than 20mV. 

 

The main power lines are use the AM layer, are 50um wide, and run an average length of 300um. 

From the tables, the droop from these lines should be another 20mV. 

 

Further into the power grid, the next set of power lines is LY at 50um width and 1mm long. They 

carry an average of 250mA in each line (2.5A/10 lines). From the tables, it is clear that the bulk 

of the loss is in these wires, since they exceed the table data of 115um wide for 200mA current 
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by a significant amount. Reverse calculating using the equations, the droop here is found to be 

143mV.  

 

Summing these values, the overall droop for one power rail is about 183mV. To approximate the 

total droop, one needs to multiply the value by two since it can be assumed that the same loss 

will be faced in both Vcc and Vee lines. This value is about 286mV, which is significant when 

voltage swings for the differential signals are 250mV! 

 

Often the assumption is made that the majority of voltage droop in a chip is lost in a poorly 

configured power rail, but this analysis shows that the main source of droop can also be in the 

second and third tier power rails. This analysis also shows that small amounts of droop add up, 

and thus it is important to try to minimize voltage droop by adding power lines in sufficient 

quantity and width.  

 

3.8 Voltage Storm Interface 

Voltage Storm is a tool that is part of Cadence that allows one to have a graphical representation 

of the droop of a chip, which is a much simpler and more accurate way to view the droop 

throughout the chip than hand calculations. On complex chips it is often easy to mistakenly 

forget trunk power line connections for lower level cells, which is something that a standard LVS 

check will not catch. As long as ANY connection to power and ground is available, a LVS check 

will not result in errors, even if the width of the connecting line is clearly too small to carry the 

amount of current that a given circuit needs. This type of error is exactly why voltage storm 

should be used, so that this time of mistake can be caught and fixed before a chip is sent out for 

fabrication. Often the only differences are a few missing upper level vias, which can easily be 

remedied in a matter of minutes.  

 

Voltage storm is a DC (steady state) tool, so only a DC operating point simulation needs to be 

run. This is much faster than having to run a set time transient simulation, however initial 

conditions must still be met before the DC operating point simulation will begin.   
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The process of using voltage storm is as follows:  

1) Make sure that pin layers are used and that a large sized pin for each voltage (Vcc, Vee, 

etc) exists on each power pad. For example, a chip with three 10 pin high speed probes 

should have 6 Vcc and 6 Vee pins marked on the respective power and ground pads. 

Voltage storm will use the pins as the entry point for power, so any pad without a pin on 

it will not count as a point of entry for power to the chip.  

2) Run a successful Assura LVS check. 

3) Leave the successful Assura run open, and then under the Assura menu, choose ―Run 

RCX‖.  

4) Configure the ―Setup‖ tab of the resulting window to have an ―extracted view‖ output. 

Under the ―Extraction‖ tab, ―Extraction Mode‖ can be changed to ―R only‖. From the 

―Netlisting‖ tab,  click ―Include As Comment‖ for the ―Parasitic Resistor Models‖ and 

also make sure the ―Parasitic Resistance Width‖ and ―Parasitic Resistance Length‖ 

checkboxes are checked. Finally make sure the ―Add Explicit Vias‖ checkbox is checked 

as well. 

5) Click ―Ok‖ to run the Assura Parasitic Extraction tool. Sometimes it will crash with ―zero 

width‖ resistor instances. If this happens, go to the (X, Y) coordinate location of the error 

and try moving the metal lines or resistors there around a little bit, and re-run LVS and 

RCX. 

6) When the Assura RCX run is complete, you should have an ―av_extracted‖ view of the 

cell, and can close all the layout related windows. 

7) Next set up the hierarchy editor to use the extracted file in a spectre simulation. To do 

this, create a ―Hierarchy-Editor‖ view of your simulation cell. In the resulting windows, 

choose ―Use Template‖ and select ―spectreVerliog‖ and click ―Ok‖.  For the top cell, 

select the ―schematic view‖ of your simulation cell. Click ―Ok‖ to finish the setup 

process.  

8) In the ―hierarchy editor‖ window that opens, under ―view found‖, right click the top level 

cell (the one with the  av_extracted file in it) and select the ―av_extracted‖ cell. Update 

and save the hierarchy editor file, then click the ―open‖ button to open the simualation 

schematic, and the proceed normally to run a DC simulation of the cell.  
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9) On the V440 Sunfire servers, a 2.4mm x 2.4mm chip can often take over a day just to 

find out the initial conditions and gain an operating point. Once this simulation is done, in 

the simulation schematic, select the top cell and then click the ―deisng->hierarchy-

>descend edit‖ menu and choose the ―av_extracted‖ view.   

10) Finally under the ―tools‖ menu, selected ―voltage storm‖. This will create a new menu 

called ―EM&IR‖ to the right of all the other menus. Click on that and select ‖IR Drop 

Analysis‖ 

11) In the resulting IR Drop window, select the pins that you want to run the analysis on 

(Vcc, Vee) and then make sure your simulation directory is correct. Click ―ok‖ to run it. 

 

Example output from the Voltage storm for a small 8HP test chip is shown below in Figure 39. 

The Vee droop is the top image, followed by the Vcc droop, and then the Vee3.4 droop. It is 

important to remember that although the colors do show the areas with the most severe droop, it 

is not the colors that are important but rather the amount of droop. The program will scale the 

droop gradients equally. In the chip shown below, the yellow droop (most severe) is only 25mV, 

whereas in other chips the most severe droop may be in excess 250mV.   

 

Vee Droop 
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!  

Vcc Droop 

 

Figure 39. Vee (top), Vcc (middle), Vee3.4 (bottom) voltage storm outputs. 
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In the case of the 121007B Chip shown in Figure 39, one of the power pads on the left and 

bottom probe sets was used to provide the -3.4V power for the analog components. This leaves 

just one pad per probe set to supply the -2.5V power to the digital components on the chip. The 

effect of this longer distance can be most notably seen on the Vee (top) image. Although the 

yellow is in stark contrast to the green, it only represents a voltage drop of at most -25mV which 

will not affect signal integrity especially for digital logic.   

 

The Vcc analysis shows a chip with very little, evenly spread out droop. This is close to an ideal 

case, where there are evenly spaced power pads relative to the areas of power consumption, and 

power lines are adequately wide to handle the current.  
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4 Early 8HP test structures 

Several test chips have been designed & fabricated to test the performance of the sub-circuits 

shown in the previous sections.   

4.1 8HP-2  

The 8HP-2 fab is shown in Figure 40, and includes a FFI-VCO, Colpitts Oscillator, 2-bit and 3-

bit comparator and respective bubble correcting circuits. This was an early 8HP tapeout for 

testing support circuits. The data gathered from the oscillators are part of Figure 71, and the 

knowledge gained from the small ADC circuits were used in larger designs. Measured results 

showed that parasitic effects has  significant impact on performance. With a 20 GHz clock 

frequency, the 3-bit flash was simulated to have crisp output waveforms at up to 750 MHz input 

signals (without a sample-and-hold amplifier front end) but the fabricated chip resulted in a 

maximum VCO frequency of 18GHz and a converter that had functional LSB outputs of analog 

inputs only up to 500MHz as shown in Figure 41.   

   

Figure 40. 8HP-2 fab (1-31-05) Layout & Micrograph. 
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Figure 41.  3-bit ADC with 500MHz input from 8HP-2 chip, top to bottom - Trigger, MSB, MSB-1, LSB. 

 

4.2 8HP-3  

The 8HP-3 chip is shown in Figure 42, and includes an interleaved version of an earlier 6-bit 

two-stage converter as well as a specially configured S/H testing circuit (see Appendix A).  The 

6-bit converter was converted from a 7HP design and was a first attempt at such a complex 

design. Much was learned in the form of designing for testing and testing techniques, but it the 

chip was largely unsuccessful.  

Although 8HP-2 used pads on all four sides of the chip, only one set of pads needed to be used to 

test any given part of the chip. In 8HP-3 multiple pads needed to be touched down at the same 

time to properly test the chip. Unfortunately on this chip, an error placing the pads too close to 

each other so that the probes holders would physically touch each other before reaching the 

center of the pads was made. In general pads should be at least 350um from the edge of the chip; 

preferably 400um--due to the custom nature of the probes some probes need a wider berth than 

others for touch down.  
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Figure 42. 8HP-3 fab Layout and Micrograph 

 

4.3 8HP-4  

The 8HP-4 fab is shown in Figure 43, and includes both a standard 3-bit differential flash 

converter as well as an interleaved one. Previous to this, the 3-bit flash converters were made to 

be a sub-converter for the 6-bit design, and used more traditional single ended differential 

reference ladder approach for the comparators.  
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Figure 43. 8HP-4 fab (5-8-06) Layout. 

 

By the time the 8HP-4 fab was received the testing equipment had been upgraded to include a 

new Rhode Schwartz 40 GHz spectrum analyzer and a new 40 GHz frequency generator (to 

replace the existing 1.1GHz generator). Using the new equipment, FFT plots of the 3-bit 

differential sub-converter were taken, showing 3-bit accuracy at up to 2.4GHz analog input. 

Again, no sample-and-hold amplifier was used since the goal was to test the performance and 

functionality of the 3-bit comparator alone.  
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Figure 44. Measured FFT of 3-bit ADC from 8HP-4 fab. 

 

The first interleaved prototype on 8HP-4 is a two way interleaved 3-bit converter driven by the 

differential 20 GHz LC tank oscillator. Each independent channel is offset from the other by 180 

degrees, and operates at 10 Gs/s. The test circuit as a whole consumes 400mA of power at 2.5V, 

with approximately 150mA per 3 bit converter with the remaining current being used by the 

oscillator, clock buffers, and recombining MUX. The MUX at the outputs of the individual 

converters is driven off the full speed clock, and operates at 20 GHz .  

 

Figure 45. Layout of two-way interleaved 3-bit converter. 
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Figure 46. Simulated 2048 point DFT of a 2.5 GHz waveform, sampled at 20 Gs/s. 
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5 Single Channel ADC assembly 

This chapter describes the complete sub-ADC that makes up one channel of the entire 

interleaved system. The requirements for each sub-ADC are 15Gs/s sampling rate at 4-bits of 

accuracy.  

5.1 3-bit Flash Design 

An early design implemented a 3-bit flash converter is shown below in Figure 47. From left to 

right, it includes the differential comparator ladder, clocking buffers and latches, bubble 

suppressing circuitry, and binary encoding and bubble suppressing stages. This 3-bit converter 

was originally designed for a 6-bit two-stage converter, and was intended to be used for both the 

first and second stage sub-converters—the noticeable gap in the middle of the layout was left for 

the thermometer DAC circuitry. The layout size is about 710um x 310um.                                                                      

 

Figure 47. Complete 3-bit flash converter – layout. 

The 3-bit ADC has been fabricated using the IBM 8HP technology and measures 2.8mm x 

2.1mm, including the testing circuitry and pads. Two identical channels offset by 180 degrees are 

present in the test structure to test the effects of parallelization on multiple channels The input a 

single ended, AC coupled, 500mV P-P analog waveform, and the output is available as the 

individual bits as well as a reconverted analog signal using an on chip 3-bit R-2R style DAC.  

For simulation purposes, a sine wave has been used as the analog source. These 8HP ADC 
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simulations were run using the Spectre simulator and version 5.033USR3 of Cadence, and with 

V1.0.3.3 of the IBM SiGe 8HP technology library.  

 

The simulated input and output waveform of this circuit is shown in Figure 48. The output 

waveform is generated by passing the binary ADC output through a R-2R DAC and an ideal 4
th

 

order Butterworth filter.  

 

Figure 48. Input and reconstructed waveform of a 1GHz sinusoidal wave (simulated). 

 

Proper layout of the circuit is critical for implementation at the desired operating frequencies. In 

the ADC design, all of the bipolar transistors that have been used for digital circuitry have been 

biased with the collector current needed for maximum cutoff frequencies of the design kit. Noise 

has been taken into account for the analog portion of the ADC and attention has been given for 

equal wiring of clock and signal paths, and isolation of the analog signals to minimize the effects 

of digital switching noise.   

 

5.2 4-bit Flash Design 

The 4-bit ADC designed for the final chip is based off of the 3-bit flash, but uses interpolation to 

achieve one extra bit. With the doubling of components for every additional bit in a flash 

converter, the physical layout and circuit complexity needed for a 4-bit flash is significantly 

larger than that of a 3-bit flash converter as shown in Figure 49. The comparison between the 
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two serves as a good illustration of why the flash converter architecture is not viable for larger 

bit accuracies.  

 

The interpolation of the extra bit helps reduce the size increase of the reference ladder, so that 

wire lengths remain below the threshold of needing signal repeaters. It also allows the voltage 

step of the ladder to remain at 3-bit levels, so that it is easier for the comparators output to settle 

quickly. The interpolation is accomplished by starting with a 3-bit differential reference ladder 

and inserting an extra comparator between all of the existing ones.  By connecting the upper 

voltage of the preceding comparator and the lower voltage of the subsequent comparator, the 

inserted comparator will end up with a switching point in between the original two comparators.  

 

The 4-bit flash design assembles all the components described in Section 3 into a complete 

converter.  The layout with the components noted is shown below in Figure 42. It was purposely 

laid out in such a way to have a long length x width aspect ratio, so that the total height of the 

complete interleaved design would be at minimized. This design measures 1mm x 250um, 

consuming 400mA.  

 

 

Figure 49. Layout of complete 4-bit flash converter. 

 

This 4-bit flash design was used for each of the channels in the 4-way interleaved design. The 

measured waveform of a single channel operating at 10Gs/s sampling a 1.1Ghz signal is shown 

below in Figure 50. The 10Gs/s speed was the maximum from an external source due to 

problems with the internal clock.  

15 Gs/s  sample-and- hold amplifier                                One-of-N encoder 
  Reference Ladder and Comparators  
                     Error correcting and clocking logic 
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Figure 50. Measured waveform of 4-bit single channel ADC. 

 

The layouts of Figure 47, Figure 42, and the other 8HP designs suffer from the DT20 transistor 

spacing problem as mentioned in Section 1. One of the most frustrating things about that rule is 

the arbitrary nature of the 20um x 20um area boundaries that are used for the check. An upper 

level cell that is comprised of several lower level cells might fail the check, even when the same 

lower level cells themselves pass.  

 

Given the DT check area boundaries, it has been found that one row of transistors with or 

without DT sharing any given 20um x 20um area will always pass the check. The technique that 

has been developed for the circuits in this design is to place all transistors together in rows that 

are spaced 20um apart. By doing this, no matter where the 20um x 20um square check lands, 

only the percentage of DT for one row of transistors falls in that area. The space in between can 

be used for other devices such as resistors and FETs, as well as routing signal and power lines. 

This configuration results in a layout that is larger than previous 7HP designs, however it 

guarantees compliance with that rule. It also allows for a symmetric layout to maintain the 

differential integrity of signal wires, and results in rectangular cell blocks that make it easy to 

fold into larger layouts.  

 

As of the October 2008, the DT20 design rule has been changed from a hard rule to a flexible 

one, but the change does not affect the designs fabricated in this thesis. 
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6 Time Interleaving 

6.1 Overview 

Time interleaving can be used to extend the sampling rates of A/D converters by staggering 

individual A/D converters and recombining their outputs.  

 

Interleaving converters has the benefit of allowing for faster conversion speeds than single 

converters, but at the expense of increased power and complexity. With single converters, the 

comparator settling time limits the converter speed, but with interleaving that requirement is 

relaxed by a factor of n. Interleaved systems have their own problems such as a difficulty 

dispersing the incoming analog signal to multiple channels and also handling a much larger 

quantity of data at the output of the converter. Rather than one full speed channel at n bits, an 

interleaved system will have m x n channels worth of data with m at 1/m speed, with m being the 

number of interleaved channels. Although the data output is slower, there is a much greater 

quantity of data for the subsequent circuits to handle. 

 

Depending on the application and speed of an interleaved converter, the additional circuitry is 

needed at the output of an interleaved system changes. Both multiplexing and demultiplexing 

techniques are applicable, one to recombine the outputs into a high speed data stream and the 

other to further interleave the data to silicon CMOS logic speeds for low cost, low power digital 

processing.   

6.2 Analog input dispersal  

The primary problems with dispersing an incoming analog signal to multiple parallel converters 

are input loading timing problems. The clocking of each individual converter is determined by 

the clock source, and is not part of the problem of dispensing the incoming analog signal.  

 

Simply connecting the analog source to all n converters would force each sample-and-hold 

amplifiers to operate at the maximum sampling rate, and the analog and digital clock signals 

would be at the maximum frequency as it is routed throughout the layout. At frequencies 

upwards of 40GHz, the capacitance of the signal lines begin to make transmission line effects a 
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serious problem when considering the length of the wires it takes to route the signals 

equidistantly between all the channels. Adding signal buffers to boost the signals is one 

technique; however with the analog nature of the input signal, buffers would have to be designed 

carefully to prevent signal distortion and degradation before reaching the individual ADCs.  

 

A second approach to this problem is to use a front end sample-and-hold amplifier operating at 

the maximum frequency to pre-sample the signal, then to connect its output to each of the n-

channels with the secondary sample-and-hold amplifiers operating at 1/n of the full speed. This 

would greatly relax the requirements for the signal lines, especially in terms of synching them to 

minimize unwanted phase offsets between the channels. The better driving capability of HBT 

transistors gives SiGe design an added bonus over CMOS counterparts in this case, with an 

emitter-follower configuration at the output of the full speed sample-and-hold amplifier being 

enough to adequately drive the signal to 4 interleaved channels. Additional interleaving would 

likely need a different setup for driving the signal.  

6.3 Interleaved Channel Recombination  

Combining the individual outputs of a 4 interleaved channels into a single ADC output at full 

speed is more difficult than the dispersing of the signal. It can be accomplished through the use 

of high speed 4:1 multiplexing, which can be reduced into two 2:1 multiplexer stages. This 

technique has been adapted from the high speed serializer research at RPI [23], as much of it is 

pertinent for this application as well.  

 

Figure 51 and Figure 52 are complimentary to one another and hence are both included on the 

following page. Figure 51 is a simplified block diagram of the timing circuitry used to multiplex 

the 15Gs/s channels into a single 60GHz output, and Figure 52 is the timing chart for the block 

diagram. Looking at the block diagram, all the circuitry right of the single ADC channels would 

be needed for each bit of the single channel ADC output.  

 

The outputs of each single channel ADC are latched, resulting in four staggered outputs of 

66.6ps (at 15GHz) that are 16.6ps apart. The phase difference of 33.3ps between the first and 

third, second and fourth channels allow them to be combined together using 2:1 multiplexers at 
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15GHz (high for channel A, low for channel C, etc) and then latching the multiplexer outputs at 

30GHz with the clock inverted on the output of the channel B and D MUX allow for the 

generation of the B and D channel output to be offset by 16.6ps. To achieve the final 2:1 step, a 

30GHz clock with a third 2:1 multiplexer followed by a master-slave flip-flop at 60GHz results 

in the full rate output generated at the centers of the valid data of the intermediate D-latch output.  

 

The timing requirements between the ADC channel outputs and the first multiplexer are not that 

critical with this technique, provided that the timing delay through each of the interleaved 

channels remains constant. From Figure 52, one can see that should the quarter rate clock be 

skewed from the channel A output by even 180 degrees (33.3ps), the output of the D Latch will 

still be correct.  

 

The timing accuracy between the quarter rate clock, half rate clock, and full rate clock are much 

more critical, and for this reason the all three signals are generated using divide-by-2 circuitry 

from the full rate clock instead of from the multiphase clock generator. 

 

 

Figure 51.  Block diagram of 4:1 multiplexing technique. 

 



 71 

 

Figure 52. Timing diagram of 4:1 multiplexer technique. 

6.4 Interleaved Channel Dispersion 

 A 15GHz 1:16 demultilplexer has been designed and fabricated. It was implemented 

separate of the primary ADC test chip and is described in Section 8.3 under NRL subcontract 

efforts.  

6.5 First Interleaved Design 

The first large scale ADC was an 8-way interleaved design that was done in 2004 using an early 

alpha version (V0.0.0.0) of the 8HP kit. At that time, the 8HP kit was so new that very few 

groups had access to it.  The limited access to the kit allowed for a lot of openly available space 

on experimental IBM fabrication runs, so our research group had the opportunity to design a 

sizeable design.  

 

The converter included eight parallel 10Gs/s channels at 6-bits without a front end sample and 

hold for a combined sampling rate of 80Gs/s but only a 15GHz bandwidth.  It was designed to be 

mated with a 48x48 SiGe FPGA array to become an 80Gs/s reprogrammable filtering system. 

The ADC portion consumed about 7W of power at 2.2V. The voltage was chosen to match the 

FPGA array as a means to minimize power consumption, which was estimated to be 24W+ for 

the entire chip at 2.2V.  

 

Figure 53 shows the layout of the entire chip, which measured 0.9cm x 1.1cm.  



 72 

 

Figure 53. Early 8HP ADC-FPGA filtering system with 8-way interleaved ADC. 

This was an ambitious design for the entire research group given the alpha nature of the 8HP 

models at the time, the relatively low yield of the new 8HP process, and the lack of support for 

modern design tools.  Only the DIVA tool worked for DRC checks, and DIVA did not handle 

hierarchical layout checking correctly, so the time for even the basic layout rules violation check 

took a very long time to run. A basic DRC on the entire chip as shown in Figure 53 took well 

over a week to run on the Sun V880 servers, which made it impracticable to complete with the 

iterative nature of the DRC checks.  

 

A close up view of the 8-way interleaved ADC is shown in Figure 54.  
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Figure 54. Close up view of the 8-way interleaved layout. 

 

By the tapeout deadline we were able to get the fundamental DRC check to pass successfully but 

were not able to get the LVS checks to finish running. At that time, we found out that IBM had 

issued a new 8HP kit a week before the tape out which had the new DT20 density rule of no 

more than 20% DT in a 20x20um area, which caused us to have to re-layout the entire chip in 

less than two weeks. In the end we were able to get the chip to pass DRC with a time extension, 

but the final fabricated product was not functional. 

With the chip untestable, not as much was learned about the ADC design as was hoped, but 

subsequent simulations and smaller FPGA test chips of the same design showed that the 2.2V 

supply is too low for a two layer CML structure to have enough voltage headroom to adequately 

bias the current source transistor. It is also two low for the analog portions of the ADC to accept 

a wide input swing and still maintain the desired linearity. 
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6.6 60GS/s Interleaved Design 

 

The 60GS/s 4-way interleaved ADC design was born from the 80Gs/s 8-way design. As the 8HP 

kit reached V1.0, the models matured significantly and a slowdown in performance especially at 

the high end was evident. Improving on the early interleaved design, different power supply 

voltages were used for the analog and digital parts of the chip to allow for adequate analog 

voltage while minimizing the power consumption. A high speed front-end S/H amplifier was 

included as well to increase the maximum bandwidth of the converter. The layout of the 60GS/s 

4-way interleaved design is shown below in Figure 55. The total size is about 1.4mm x 1mm, and 

consumes 2.1A of current. The entire design includes 1508 transistors per channel and 406 

transistors for the front end S/H and system clocking circuits, for a total of 6438 transistors. The 

breakdown of current consumption is shown below. 

 

 4bit sub-A/D - 400mA each 

 Multiplexing Circuitry - 250mA 

 Clocking - 250mA 

 

Much of the clocking power consumption associated with clocking is in the form of digital 

buffers, which are used to maintain the sharp rise and fall times of the clock signal as the wires 

traverse the length of the system.  

 

The complete chip is shown in Figure 56. 
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Figure 55. Layout of 60GS/s 4-way interleaved design. 

 

 

Figure 56. Latest 8HP test chip, including complete interleaved converter. 

 

Measuring the performance of an entire interleaved ADC system can typically be achieved by 

capturing the digital output of all 4 channels simultaneously and analyzing the data using 

software such as MATLAB.  However at 15Gs/s per channel, the ability to capture and save such 
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quantities of parallel data simultaneously is not possible with the current generation of 

commercially available logic analyzers—the speed is simply too fast.  A technique that included 

the use of a 60GHz DAC at the 4:1 multiplexed output of the ADC system as described in 

Section 5.3 used instead. In addition, the system is configured to have a DAC output for each 

channel. The use of a DAC in ADC performance measurement presents a performance penalty 

on the accuracy of the final ADC output; however it is a viable method for showing the 

functionality of the design with the speed of the circuit and test equipment available to us. A sine 

wave input generated by a Rhode & Schwartz SML-01 (1.090.3000.11) signal generator was 

used as the input for the ADC, and the onboard DAC output was measured by the Rohde & 

Schwartz FSP-40 (1164.4391.38) spectrum analyzer capable of 40GHz input.   

 

The output of the 60GHz on chip oscillator was too noisy due to the low Q of on chip inductors 

to be used as a clock for the ADC, so the Anritsu 68369A/NV signal generator was used to 

generate a 40GHz input clock into the test chip instead. Output from each individual channel was 

measured using the spectrum analyzer, and was found to have similar performance 

characteristics.  

 

 

Figure 57. Measured 1.1GHz FFT. 
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ADC Performance Summary (Simulated) 

Sampling Rate 60Gs/s 

Resolution 4 bits 

ENOB 3.2 bits 

SFDR 21dB 

ADC Core Area 1.4mm
2
 

Technology IBM 8HP 210GHz fT 

FOM    (Power/2
ENOB+1

*BW) 10pJ/sample 

Table 7. ADC Performance Summary (Simulated) 

 

ADC Performance Summary (Measured) 

Sampling Rate 40Gs/s 

Resolution 4 bits 

ENOB 3.8 bits 

SFDR 24dB 

ADC Core Area 1.4mm
2
 

Technology IBM 8HP 210GHz fT 

FOM    (Power/2
ENOB+1

*BW) 5.6pJ/sample 

Table 8. ADC Performance Summary (Measured). 
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7 Oscillator Design 

The accuracy of a high speed analog to digital converter depends heavily on the precision of the 

clock source. Throughout the ADC development, a number of voltage controlled oscillators 

(VCO‘s) have been developed as the clock source for the ADC.  

7.1 FFI - VCO  

 The Feed Forward Interpolated VCO is a ring oscillator based design that was first presented in 

[24]. Phase noise characteristics of the ring based oscillators are inferior to the narrowband LC 

tank oscillators. However the tuning range is much wider and the basic design has been 

thoroughly tested through several generations of SiGe technology and is known to operate well. 

Originally fabricated using the GaAs HBT process [25], the design has been adapted for use with 

the SiGe libraries from 5HP thru 8HP [26].   

     

Figure 58. Block diagram and layout of the Feed Forward Interpolated VCO (FFI-VCO). 

 

The VCO is formed using four identical stages linked in series, with each stage capable of 

linearly interpolating the input signals received from the stage preceding it and two stages 

preceding it.  With this configuration, the gate delay of a stage can be tuned to a value between 

the two signal inputs. For example, from Figure 58, the output signal of buffer B depends on the 

signals from buffers A and D. Through the changing of the control voltage, the propagation 

delay of buffer B can be set closer to the value from buffer D, buffer A, or anywhere in between. 
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Figure 59 shows the schematic of a single stage used in the VCO. Its differential input 

signals ―A‖ and ―B‖ are weighted by the differential control signal ―C‖ of the buffer and 

summed by the pull-up resistors (Rc). Capacitor Cc is used to center the operating frequency of 

the VCO at the desired speed. 

 

Figure 59. Schematic of the Feed Forward Interpolated VCO (FFI-VCO). 

 

The minimum operating frequency is defined by the case when the leap signal (input from 

the second previous buffer) is ignored, in which case it is running as a 4-stage ring oscillator (A-

B-C-D). The maximum frequency can be achieved by ignoring the preceding stage signal, thus 

causing the VCO to run as two separate 2-stage ring oscillators (stages A-C and B-D). The center 

frequency can be calculated using Equation 22, where T0 is nominal delay of the circuit without 

the capacitor.    

    CC

C
CRT

f
22ln16

3

0 


  Equation 22 

    

Figure 60 shows the simulated and measured FFI - VCO frequency range versus the input 

voltage of the 7HP and first 8HP implementations. This four stage VCO has a simulated 

frequency between 9.2 ~ 16.5 GHz when implemented in 7HP, and a measured frequency of 

around 8 ~ 14 GHz.  In 8HP, the maximum center frequency of the FFI-VCO has been simulated 
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to exceed 30 GHz; however at the time of its development, the oscillation frequency was 

centered at 20 GHz for its use as the clock source for both the ADC and FPGA test circuits.  The 

data presented in Figure 60 was obtained using V1.0.3.1 of the 8HP kit, with a simulated range 

of 16GHz ~ 23GHz and a measured range of 12.5 ~  19.5 GHz.  The difference in simulated and 

measured speeds of the 8HP VCO is 20% and 7HP is 16%, reflecting the maturity of the 7HP 

models when compared with the emerging 8HP technology.  

 

 

Figure 60. Simulated and measured frequency range of the SiGe 7HP and 8HP FFI-VCO. 

 

The measured waveforms of the 8HP FFI-VCO is shown below in Figure 61. The internal full 

speed signal is 32 times faster than the measured signal, 18.36GHz, which is 84% of the 

simulated speed of 22GHz.   
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Figure 61. Measured 8HP waveform of FFI-VCO  (T=1.73ns @ Vin = 0.8V) and frequency spectrum of trigger 

signal. 

7.2 Ultra Wide Band FFI-VCO 

FFI-VCO's with very wide frequency bands of 11-48GHz and 16.5-66GHz have been developed 

by coupling the VCO to a frequency doubler circuit. By using a selection multiplexer, two 

selection bands are available, allowing for 11-24GHz or 22-48GHz (as well as 16.5-33GHz or 

33-66GHz) output.  These circuits were designed to meet wideband specifications for a NRL 

contract, but could have applications in SERDES design where the wide tuning band of the VCO 

is desired. Layout of the 11-48GHz VCO is shown below in Figure 62. The left most box 

represents the FFI-VCO core, the center (dashed) line encloses the frequency doubler circuits, 

and the right most boxes are the output selection switches. The non-highlighted circuits are all 

signal buffers. 
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Figure 62. Layout of 22-40GHz frequency doubled FFI-VCO. 

 

The FFT plots at the ends of the VCO frequency range are shown below in Figure 63. They show 

that the low harmonics are about 20dB less than the output frequency at both ends of the turning 

spectrum, which exceeds the 10dB requirement in the design specifications.  

 

 
Figure 63. FFT plots of the doubled VCO outputs at 20GHz (left) and 48GHz (right). 

 

The 16.5-33GHz (undoubled) VCO layout and simulations are shown in Figure 64. This layout is 

a good demonstration of the effects of wire parasitics. When compared to the Figure 62, notice 

that the center transistors are packed much tighter, greatly shortening the length of the wires that 

run between them. This slight change in transistor spacing increased maximum frequencies in 

schematic simulations from 30GHz to 39GHz. 
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Figure 64. Layout and simulation of 16.5-33GHz VCO. 

 

7.3 LC Tank Oscillator (LC-VCO)  

The core FFI-VCO has a very wide tuning range, however its ring oscillator nature has poor 

phase noise characteristics when compared with LC tank oscillators. A Colpitts oscillator has 

been designed to replace the FFI-VCO at speeds of 20GHz, 40GHz, and 60GHz.  It is well 

known that a parallel LC tank will oscillate indefinitely at a frequency determined from Equation 

23. Real devices will have parasitic resistances, which will cause the oscillations of an LC tank 

to diminish over time.  To achieve indefinite oscillations, a negative resistance must be applied 

to cancel out the parasitic resistances.  

LC
OSC

1


     Equation 23 

 

The schematic of a differential Colpitts oscillator is shown below in Figure 65.  In this case the 

capacitance of the LC tank is actually made up of the capacitor C as well as the parasitic 

capacitances of the varactor diodes shown above it.  The varactor diodes allow the value of C to 

be changed slightly, allowing the output frequency of the LC tank to be tuned.  The cross 

coupled transistors at the base of the current tree serve to provide feedback to compensate the 

parasitic losses of the LC tank, to allow for continuous oscillation.  
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Figure 65. Schematic of 40/60 GHz Colpitts Oscillator Core. 

No center tapped inductors were available in the IBM 8HP kit during the design of the 20GHz 

Colpitts Oscillator, so two identical spiral inductors were used instead. The 40GHz and 60GHz 

Colpitts oscillators use the symmetric inductor in place of two individual inductors at the top of 

the current tree. The symmetric inductor is a relatively new addition to the 8HP technology 

library which saves physical space while having a slightly better Q value.  

 

The value of Q of a passive device is represented by the value of inductive reactance vs 

resistance. The Q of on-chip inductors is always lower than off-chip devices due to losses 

suffered from capacitive coupling and skin effects at higher frequencies. On-chip inductors are 

used for the convenience of having a monolithic device as well as the problems caused by 

parasitic effects of bond pads and packaging for very high speed oscillators. Q plays a large part 

in the phase noise of an oscillator, with larger values of Q resulting in lower phase noise. From 

the 8HP model guide [27], peak Q values of the spiral inductors are in the range of 14.7-20.8, 

which are an improvement over the 7HP Q values of 8.6 to 18.1. 
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The largest noise source for a LC tank oscillator is thermal noise caused by parasitic resistances. 

To minimize noise, an inductor with the largest Q was selected and the gm of the HBT was set as 

low as possible while maintaining a 3x safety factor for adequate startup.  

 

The simulated tunable range of the 40GHz Colpitts Oscillator is from 40GHz-46GHz, and the 

circuit uses 6.9mA of current at 2.8V, consuming 19.32mW of power.  The simulated tunable 

range of the 60GHz Colpitts Oscillator is from 65GHz to 70GHz.  Measured results from the 

same design yield a maximum frequency of 60.8GHz, shown below in Figure 66. This decrease 

of 13% falls in line with the average 10%-15% decrease in speed that has been observed with the 

8HP kit.   

 

Figure 66. Measured div-96 waveform of 60GHz oscillator. 

 

7.4 Quadrature LC tank Oscillator (QLC-VCO) 

The differential LC tank oscillator has better phase noise characteristics than the ring oscillator 

VCO, however it only generates two phases that are 180 degrees apart, where as a ring oscillator 
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based VCO can generate 2*n phases, where n is the number of stages.  Multiple equidistant 

phases are needed for an interleaved ADC, thus additional circuitry would need to be added for 

the standard differential LC tank oscillator to be used as the clock source.   

 

The Quadrature LC tank Oscillator is one solution for generating multiple phases while 

maintaining the improved phase noise characteristics of an LC tank oscillator. To create a QLC-

VCO, an additional transistor pair is placed in parallel with the primary LC tank transistors, and 

the outputs of each of the LC tank oscillators are cross coupled to each other. The schematic of 

this configuration is shown below in Figure 67.  

 

Figure 67. Cross coupled Colpitts Oscillator (adapted from [28]) 

 

Emitter followers are used to isolate the LC tank and to drive output load.  This configuration 

forces a 90 degree phase shift between the individual oscillators, thus generating four different 

phases at 0, 90, 270, and 360 degrees.    

 

A conceptual image of the QLC-VCO which is described in detail in [29] is shown in Figure 68. 

The normal 180 degree operation of the differential oscillators is highlighted by the dotted line. 
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With the assumption that that each oscillator will want to operate in equilibrium, the phase offset 

of each of the cross coupled pairs will be the same, thus resulting in a phase offset of 90 degrees 

from each other (360/4 = 90).    

 

Figure 68. Conceptual Operation of the Quadrature LC-VCO (adapted from [29]). 

 

The layout of the Quadrature LC-VCO is shown below Figure 69. 

 

Figure 69. Quadrature LC-VCO layout (8HP) 

7.5 Multiphase generation using single tank LC Oscillator 

One simpler way to generate multiple phases from a single clock source is to use a shift register 

circuit, which is the method that was used for the 60G/s 4 way interleaved ADC, for its 

simplicity. The schematic is shown in Figure 70, with it consisting of two D-latches with the 

output of the second latch used as the inverted input to the first latch. For further interleaving, 



 88 

additional phases can be easily generated by the addition of more registers—two more would 

result in the 45, 135, 225, 315 degree phases, etc.  

 

At speeds of 60GHz, the latches that form the shift registers add a significant amount of 

switching noise to the signal. Output buffers are used to clean up the signal before it is used to 

clock the rest of the chip.  

 

Figure 70. Shift Register Circuits for four phase generation. 

 

7.6 Phase Noise Analysis   

The phase noise level of an oscillator affects the amount of timing jitter that is seen by the 

clocked devices. With an ADC, timing jitter exceeding a certain threshold will degrade the 

resolution of the ADC, so determining the limits of timing jitter is critical to achieving the 

performance of a given ADC design. To being this analysis, SpectreRF simulations using the 

analog extracted layouts of the oscillator designs are completed to generate a phase noise plot of 

the oscillators taking into account all parasitic effects due to the layout. As shown in Figure 71, 

at a 1 MHz offset the FFI-VCO has a phase noise of -78dB compared to -105dB for the single 

LC tank oscillator. This reduction of more than -20dB is quite significant, as it shows that the 

phase noise of a LC tank oscillator is roughly equivalent to that of the  FFI-VCO controlled by a 

phase locked loop.   
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Figure 71. Phase Noise FFI VCO and Colpitts. 

Figure 71 also shows the relative frequency vs phase noise of the Anritsu 68369A/NV signal 

generator, which is capable of generating sinusoidal waves up to 40GHz. The primary drawback 

of using the LC tank based VCO is the narrower tuning range, with tuning ranges of up to 18% 

of the center frequency range [30], compared to tuning ranges of close to 50% for the ring-

oscillator based VCO. This amount of tuning is not a problem for mature technology libraries, 

when the device models are capable of extracted simulations with reliable results. With alpha 

and beta versions of a technology library it would be wise to use the FFI-VCO for its wide tuning 

range if one wants to guarantee the operation of the oscillator at a given frequency. With a tuning 

range of around 20%, the LC-VCO architecture will not be able to compensate for the 20%+ 

drop in operating frequencies as has been observed in the early 8HP test circuits. Table 9 

summarizes the tuning ranges and phase noises of the two oscillators.  
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Table 9. Phase noise comparison between VCO, LC-VCO. 

 

The relationship between timing jitter and phase noise is very important in high speed 

communication circuits, since excessive jitter can severely deteriorate the accuracy of single 

analog to digital converters as well as interleaved converter arrays. Timing jitter is defined as a 

short term variation of a significant instant of a digital signal from its ideal position in time [31], 

and includes factors such as broadband noise, phase noise, spurs, slew rate, and bandwidth. 

Broadband noise is the general noise floor, which consists of shot noise and thermal noise 

generated from active devices. It is a significant contributor to the overall timing jitter, however 

is not easily reduced from the oscillator design standpoint. Phase noise is most prevalent in 

oscillators and is characterized as the ratio of noise power at a frequency offset from the 

fundamental oscillator frequency power. The amount of phase noise generated from an oscillator 

is directly related to the spectral purity of the oscillator output and usually appears over the noise 

floor.  

Determining the proper way to relate phase noise, jitter, and ENOB is a fairly complex issue, 

with different methods presented in numerous articles [20, 32, 33]. 

 

There are two primary types of jitter, random jitter and deterministic jitter. Random jitter can be 

described by timing variations caused by less predictable influences, such as temperature and 

process variation. Deterministic jitter is jitter that can be attributed to specific sources, such as 

crosstalk between signal traces, simultaneous switching of multiple gates, or EMI radiation on 
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sensitive signal paths.  Random jitter follows the standard Gaussian curve, and hence can be 

analyzed statistically.  

 

Two common jitter specifications have been determined from random jitter, the peak-to-peak 

jitter and the room mean-squared (RMS) jitter. Peak-to-peak jitter represents the distance from 

the smallest to largest value on a curve, and hence tends to increase with the number of samples 

that are taken. RMS jitter represents the value of one standard deviation of the normal 

distribution, and hence remains mostly independent of the number of samples. For this reason, 

RMS jitter is used to quantify the phase noise of the oscillations.  

 

To convert between RMS jitter and phase nose, a linear piece wise function shown in Equation 

24 is used. L(f) is the phase noise, f is the fundamental frequency, To is 1/f, and foffset is the offset 

frequency relative to the fundamental. A detailed derivation of can be found in [31].  From the 

plot on Figure 71, the values ai = -20db/decade, bi = -60db, fi = 10E4, f(i+1)=10E6, are used in 

Equation 24 yielding a value of 1.12ps for the timing jitter of the LC tank oscillator at 20 GHz.  
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       Equation 24 

A certain amount of clock jitter can be tolerated in an ADC before the ENOB begins to degrade. 

Analog-to-digital conversion inherently has a finite amount of quantization error equivalent to 

the difference between the value of the analog signal and its digital representation. Clock jitter 

will cause the sampling of the analog signal to be done before or after the intended location, thus 

contributing to the quantization error. Figure 72 presents a visual illustration of the effects of 

jitter, and how it can affect the accuracy of the ADC.  
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It can be seen that the difference in sampled voltage due to jitter exceeds the threshold for the 4-

bit LSB but still falls within the acceptable levels of a 3-bit converter, thus the maximum 

accuracy of this example ADC would be 3 bits. From the figure it can be seen that the amount of 

error due to timing jitter increases as the frequency of the analog signal increases. Conversely, 

the amount of acceptable timing jitter is greatly reduced as the frequency of the analog signal 

increases.  

 

Figure 72. Example of timing jitter effects on ADC bit accuracy. 

 

The value of a LSB step size can be found using Equation 25, where Vanalog is the full scale 

analog voltage, and n is the number of bits. 

12

log




n

anaV
q

    Equation 25 

We can use Equation 25 to set a boundary of the acceptable level of jitter.  
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)sin(log qoana twVq 

  Equation 26 

Combining Equation 25 and Equation 256, yields the Equation 27, which allows the 

determination of how much jitter is acceptable for a given amount of bit accuracy.  
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     Equation 27 

7.7 Means to improve phase noise performance 

These jitter calculations clearly show that internal VCO‘s do not have the phase noise 

performance necessary for this project. To find an oscillator with sufficient phase noise 

performance, there is a need to find off chip resonating components with much higher Q values 

or an external clock source with sufficient phase noise performance.  

 

External passive components with high Q values are found to be resonators, not inductors. This 

makes it difficult to use such components as a ―drop-in‖ replacement for our Colpitts 

architecture, as shown in Figure 65.  

 

7.7.1 Air filled polystrata 

The air filled polystrata resonators have Q values in below 1000, but still much higher than the 

30 of monolithic devices. However they are still technology in its infancy with no commercially 

available products at this time.  Rohm Hass sponsored research on such devices, with two papers 

[
34

,
35

] published by Kenneth Vanhille and Dejan Filipovic. These devices are not commercial 

products yet, but rather research items.  
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Table 10 – Q values for Rohm Hass air filled polystratra resonators 

 

Models for this air filled polystrata resonator were not directly available from the authors due to 

NDA‘s, however models for the resonator at two frequencies were present in their June 2007 

published paper. When contacted, authors also stated that they did not use cadence to design the 

resonators, and hence do not have cadence models available. 

Using the values from the paper, both resonators were recreated using cadence. Simulations in 

cadence showed results near those in the published paper. For the 26GHz resonator, the 

following values were used (as given in the paper): Zo = 50Ω, Rs = 0.15Ω, m = 0.03 turns, Cg = 

0.28pF, Cn = 0.56pF, Ls = 264pH, Ln = 54 pH, and Rn = 3.22kΩ. 

 

Figure 73. Schematic of 26.5GHz resonator 

 

The S-parameter simulations of this resonator using the published component values and cadence 

are compared with the author‘s simulated and measured values in the plots below. As a whole, 

cadence simulations showed the resonating peak at around 22GHz instead of 26GHz, with 

slightly lower impedance values as well.  

 

Rohm Hass  Q 

 26.5GHz 442 

 35.9GHz 829 
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Figure 74.  S21 (top) and Impedance (bottom) comparsions of the 26GHz resonator model. 

 

The 36GHz resonator models match more closely with the published results. These models have 

a higher resistance of around 200 ohms. From the paper, Zo = 50Ω, Rs = 0.3Ω, m = 0.016 turns, 

Cl = 0.068pF, Cn = 0.029pF, Ln = 0.203 nH, and Rn = 46.73kΩ. 

 

Figure 75. Schematic of 36GHz resonator 
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Figure 76.  S21 (top) and Impedance (bottom) comparisons of the 36GHz resonator model. 

 

By adjusting the turns ratio and tweaking the capacitance values on the 26 GHz model, we were 

able to raise the resistance to 50 ohms and the peak frequency up to 26 GHz, but felt it was not 

beneficial to do so since tweaking the models moves us farther from the fabricated devices. Since 

these resonators are a ways away from being commercially available, not at the frequency of 

interest and have a relatively low Q value compared to other resonators, in order to have 

something that we could implement in the short time span of this project we felt that pursuing a 

different type of would be more useful. 

 

7.7.2 Ceramic Dielectric Resonators 

Ceramic dielectric resonators appear the industry standard now for low phase noise oscillators, 

however obtaining models for them to use for simulations has been challenging. They typically 
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can be used in place of crystal oscillators.  Conventional piezoelectric resonators such as PLZT 

or BaTiO3 may have Q values of 1000, but can be temperature controlled for even better 

stability of the center frequency. 

 Trans-tech has commercially available devices at the frequencies of interest. Their 8300 series 

ceramic resonators are advertised to have Q factors of up to 20,000, but the Q peaks at 4GHz. At 

12GHz the Q drops to around 4000. Trans-tech was contacted for models of the 8300 series 

devices at 12GHz, but after some back and forth communications, they were not able to send us 

any. Dielectric resonators can have Q values much higher than 20,000 depending on the 

materials used. Resonators made with compounds such as BaO, ZrSnTiO, TiO2, Al2O3 can have 

Q values in excess of 50,000.  

 

Typical phase noise numbers for a commercial 15GHz DRO is about -110 dBc/Hz at 100KHz 

offset and -135 dBc/Hz at 1MHz offset. These numbers are significantly improved over the on-

chip VCO performance shown in Figure 71, but the DRO's are fixed frequency oscillators with 

no tuning range.   

 

Modeling of Dielectric Resonators 

As presented in [36], dielectric resonators are modeled in a similar configuration to the polystrata 

resonators, shown in the figures below.  

 

Figure 77. Dielectric Resonator and model. 

A method from [37] describes an accurate technique for obtaining the value of the unloaded Q 

from a S11 plot of a microwave resonator.  The loaded Q value can be read from the S11 

measurement by using  
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 where x is the peak frequency. Next, a determination whether the resonator is over or under 

coupled  needs to be made by reading the smith charts or varying the input coupling while 

observing the changes in return loss. Using this information, the value for a mapping function 

can be computed using 
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     Equation 29 

 Finally, the value for the unloaded Q can be found by  

 

    ),(),(  xFxQQ Lu       Equation 30 

Two typical resonator circuits are shown below in Figure 78. 

   

Colpitts Oscillator    Pierce Oscillator 

Figure 78. Typical resonator circuits. 

7.8 Phase noise and jitter in chips 

Several techniques can be used at the layout level to reduce deterministic signal jitter. 

Differential signaling is the first and foremost technique, since noise that effects one line will 

also likely affect its differential twin. The large common mode noise rejection of differential 

signaling systems helps cancel out this type of noise, whereas it would propagate in single ended 
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systems.  Adequate spacing between other active components, as well as maintaining identical 

length between differential lines also improves phase noise characteristics.  

 

Using adequately sized clock buffers also play an important role in minimizing jitter, as 

insufficient driving capability between stages will result in a prolonged rising/falling edge. The 

transitions between the rising and falling edges are when the signal is most susceptible to jitter. 

 

Having plentiful power and ground pins into a chip also help reduce jitter by reducing the 

fluctuations in the chips power supply. 

 

7.8.1 Jitter and ENOB 

Using Equation 27, a table of jitter, sampling frequency and maximum ENOB has been 

generated below. From Table 12, it is clear that the ideal case for ENOB accuracy vs ENOB with 

jitter is quite different, and that the effects of small amounts of jitter is quite severe on the 

accuracy of an ADC at high sampling rates. With a jitter of ~1ps, the maximum accuracy for a 

sample and hold amplifier operating at 10Gs/s is 6 bits  

 

Table 11. Maximum ENOB with constant jitter at varying sampling frequencies. 
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Table 12. Maximum jitter to achieve fixed ENOB at varying sampling frequencies. 

From the phase noise plot above in Figure 71, the RMS jitter of the oscillator at 40GHz is 

calculated to be 0.56ps, which equates to a maximum ENOB of 4 bits at 40Gs/s. With the 

Anritsu signal generator, the RMS jitter at 40GHz is 0.23ps, which increases the maximum 

ENOB to 5 bits. To get 6 bits of accuracy, the RMS jitter needs to be less than 0.126ps; a clock 

source with even less jitter needs to be developed to reach the goal of 40Gs/s at 6 bits.  

7.9 Transmission Line Effects 

One quarter wavelength often serves as the maximum acceptable length for wires connecting 

lines between active devices. To calculate what the ¼ wavelength is at varying frequencies in 

different materials, the following equation is used.  

f

c

r
       Equation 31 

C is the speed of light, f is the frequency of the signal, and Er is the dielectric constant of the 

material the signal is propagating through. 
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Material Si SiO2 Cu SiGe GaAs 

Dielectric 

constant 

11.9 4.5 2.7 15 13 

Table 13. Dielectric Constants of various materials. 

 

In copper, a 60GHz signal would have a ¼ wavelength of approximately 300um.  
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8 Additional Research 

Over the course of my graduate studies, additional research that is indirectly linked to the ADC 

project has been completed as well. This includes research into the accuracy of the IBM 8HP 

models at 77 GHz and above was completed in a GE contract, as well as fully analog RF tuner 

designs for an NRL contract.  This work provided funding for the A/D research as well as some 

insight into the 8HP technology library in the form of RF components, including LNA, mixer, 

RF switch, and enhanced VCO design.  

8.1 77GHz LNA Design 

The best LNA design from the 77GHz project is presented. It uses a two single-ended common 

emitter cascode stages with transmission line (straight) inductors to achieve the specifications for 

the project. It consumes 15mA of current at 2.8V, with a total power consumption of 42mW.  

Design specifications were as follows: 

  20GHz bandwidth up to and including 77GHz 

 Input impedance match (S11) of -10dB or less 

 Noise floor and power consumption as low as possible 

 Gain as large as possible, with a flat gain curve across the 20GHz band. 

 

There are several published papers on 77GHz LNA‘s, such as [38,39,40 ]. The design presented 

was based off of them, with the schematic and layout shown below in Figure 79. The layout is 

about 400um x 550um without pads. Including the pads, it is about 400um x 800um. 
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Figure 79. Schematic and layout of 77GHz LNA. 

 

 

The S-parameter simulations are shown below in Figure 80. The schematic simulation meets all 

the LNA design goals, showing a flat gain of about 14dB across a 30GHz range, from 60GHz to 

90GHz, and the input matching is below -10dB for the same range as well. 

 

The parasitic-extracted simulation shows a drastically different S-parameter plot. At frequencies 

over 50GHz the gain begins to drop, reaching only 4dB at 77GHz and the peak of the input 

impedance match shifting from 75GHz to 63GHz. 

 

Other LNA designs in the projected fared worse, with some not showing a gain at all upwards of 

60GHz in the extracted simulation, whereas the schematic simulation showed a well performing 

LNA. 
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Figure 80. S-parameter plot (schematic - top, extracted - bottom). 

 

The noise figure plots are shown in Figure 81 . The red line represents the actual noise figure, 

whereas the yellow line represents the lowest possible noise figure of the device. At 77GHz, the 

noise figure jumps from 8dB in the schematic to nearly 12dB in the extracted simulation. The 

extracted simulation also shows a more rapid increase in noise figure at higher frequencies. 
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Figure 81. Noise Figure plot (schematic - top, extracted - bottom). 

 

The stability plot in Figure 82 indicate that the LNA is stable at frequencies over 50GHz in both 

the simulations. Notably in the schematic simulation, the LNA stability plot nears the limit 

throughout the range of the flat gain, whereas as the gain dropped with the extracted simulation, 

the stability plot departs from the stability limit at the same time. 
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Figure 82. Stability plots (schematic - top, extracted - bottom). 

 

1
st
 Order Compression plots are shown below in Figure 83. The compression point again 

improves with the extracted simulation since the gain in that simulation at 77GHz decreases 

significantly. 
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Figure 83. 1dB Compression point (schematic - top, extracted - bottom). 

8.2 Mixer Design 

A down-conversion Gilbert Mixer was implemented in 8HP to convert a 77GHz RF signal to a 

7GHz intermediate frequency. The same basic design (with the removal of the output capacitors) 

can also be used to convert a 77GHz RF signal with a 40GHz LO to produce a 38GHz IF signal. 

The output capacitors are present to filter out frequencies higher than the IF signal. 
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The schematic and layout of the circuit is shown below in Figure 84. The layout is 230um x 

300um not including pads. 

 

Simulations have shown that a LO signal of 5dB produces the maximum conversion gain. 

 

 

Figure 84: Gilbert Mixer schematic and layout. 
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Figure 85 shows a noise figure plot of about 15dB for much of the intermediate frequency range 

from 7GHz to 14GHz, as well as its 1dB compression point. This result is similar to existing  

77GHz SiGe mixers such as [41, 42]. 

 

 

 

Figure 85. Gilbert Mixer noise figure (top) and 1dB compression point (bottom). 
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8.3 1:16 DEMUX 

A 1:16 demultiplexer (DEMUX) capable of operating at 15GHz was fabricated for a NRL 

contract. The design consists of four 1:4 DEMUX's and can be used with the primary ADC 

project to further interleave and slow the output in the event that the output signals are to be fed 

to CMOS filtering logic.  

 

The block diagram of the DEMUX is shown in Figure 86. The building blocks of the basic 1:4 

DEMUX are shown in the diagram as well.  

 

Figure 86. Block Diagram of 1:16 DEMUX. 
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Figure 87. 1:16 DEMUX Layout (top) and Simulations (bottom). 

8.4 Other high frequency circuits 

In addition to the 77 GHz LNA and Mixer, several other RF circuits have been implemented 

including a 66GHz Gilbert Multiplier based frequency doubler and 66GHz RF switch with -

50dB isolation between channels. Details for these circuits can be found in the chip reports of 

Appendix C.  
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9 Conclusion and Future Work 

A 60GS/s 4-bit interleaved ADC have been designed, simulated, and fabricated. The complete 

converter has been measured at 40GHz, due to problems with the 60GHz on chip oscillator 

feeding the ADC and the external signal generator having a maximum speed of 40GHz. Also, the 

available spectrum analyzer and oscilloscope have maximum frequencies of 40GHz as well. It is 

likely that the maximum measurable speed of the converter exceeds the measured speed, but 

with the limitations of the testing equipment performance over 40GHz has not been tested. 

 

Future work could include a number of things, including investigation of methods to increase the 

resolution of the converter, decrease the power consumption of the existing design, increase the 

speed of the front end sample and hold, or converting the entire design into the upcoming 9HP 

kit to see what performance increases new transistors will bring.  

 

Development of a high speed shift register + memory test standard cell would be useful as well 

for more thorough testing of the effects of interleaving on the overall system, as it would serve as 

a means to save a set amount of converted data for analysis using software. This would serve as 

an on chip logic analyzer that is capable of capturing the entire interleaved datastream and store 

it in memory for a short time.   

 

With development of slower converters with increased accuracy and additional interleaved 

channels, it could be useful to investigate the use of CMOS logic in the bubble suppressing and 

encoding stages of the ADC. SiGe has its place in the front end, but not necessary when speeds 

fall to CMOS levels and below.   
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Appendix A- Sample and Hold Amplifier Testing 

Acquiring a transient plot of the sample and hold amplifier proved to be more difficult than 

anticipated with the test equipment that we had available. Our 11801C Tektronix digital 

oscilloscope is a sampling scope capable of acquiring waveforms up to 40GHz. To capture a 

waveform, it takes sequential signals in the KHz range, requiring a trigger signal and a periodic 

output waveform. The waveform as captured by the scope is actually created from many 

repetitions of the identical output signal. This type of setup is ideal for the repetitive nature of 

digital circuits; however certain analog circuits need to be specially designed for the scope in 

order to capture the desired waveform. 

 

The sample and hold amplifier is one of these circuits that require special attention.  The problem 

is that the output waveform of a sample and hold amplifier is hard to measure with a sampling 

oscilloscope since there are essentially two independent signals, one as the actual sample and 

hold clock, and the other as the analog signal to be sampled. To use either of these as the trigger 

leaves the other one unsynchronized, resulting in waveforms that look like A.1.1 below. That 

waveform has the trigger locked to the analog signal, and the clock signal free to move.  

  

Figure 88. Problematic sample and hold (measured) waveform from 8HP-2 fab. 
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Sample and hold amplifier test structure 

In order to generate an output waveform of the sampler using the 11801C scope, a special S/H 

test structure has been created. It is theoretically possible to set the frequencies of the clock and 

analog signal to be multiples of each other, however even very slight differences in timing 

between the two signals over the course of hundreds of cycles results in significant jitter. With 

clock frequencies around 10 GHz, too many cycles are needed to generate an output waveform 

for the analog waveform and VCO to be run together without the clock jitter causing problems 

with the scope output. Realistically, it is essential that the sampling clock and analog input be 

internally synchronized for to capture and process the s/h amplifier output waveform using our 

Tektronix scope.  

 

Test circuitry has been designed so that the periodic sinusoidal wave is generated from the full 

speed clock signal. To maximize the variety of analog signal speeds relative to the digital clock,  

several divide-by-2 multiplexers have been included  to allow for a full speed or half speed clock 

to propagate, as well as different clock to analog ratios. The schematic and a logic table of the 

possible output functions of this circuit are shown in Figure A.1.2 and Table 14. 

 

Figure 89. Sample and Hold test circuit - schematic. 
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The clock input (left side) comes from the onboard FFI-VCO, and the resistor networks shown in 

the schematic are for DC biasing of the AC coupled analog waveform. The divide-by-2 

multiplexers allow the clock vs analog frequency ratios to be changed. As the logic table shows, 

similar clock vs analog frequency ratios can be achieved at half and quarter speeds of the original 

input clock. This will allow the entire circuit to be slowed down should problems arise. The D/A 

module integrates the square clock waveform into a triangle wave, then converts the triangle 

wave into a sine wave by using an emitter degenerated differential amplifier.   

 

Sel A Sel B Sel C Sel D Clk in Analog in Ratio 

0 0 0 0 f (1/8)f 8:1 

0 0 0 1 f (1/16)f 16:1 

0 0 1 0 f (1/16)f 16:1 

0 0 1 1 f (1/32)f 32:1 

0 1 0 0 (1/2)f (1/8)f 4:1 

0 1 0 1 (1/2)f (1/16)f 8:1 

0 1 1 0 (1/2)f (1/16)f 8:1 

0 1 1 1 (1/2)f (1/32)f 16:1 

1 0 0 0 (1/2)f (1/16)f 8:1 

1 0 0 1 (1/2)f (1/32)f 16:1 

1 0 1 1 (1/2)f (1/64)f 32:1 

1 1 0 0 (1/4)f (1/16)f 4:1 

1 1 0 1 (1/4)f (1/32)f 8:1 

1 1 1 1 (1/4)f (1/64)f 16:1 

Table 14. Sample and Hold Test Circuit - logic table. 
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Figure 90. Sample-and-Hold test setup layout. 

 

By default, the select inputs will be high (0) so the default test ratio is 8:1. The Tektronix scope 

also has a limited adjustment range for a given trigger frequency, so a separate analog trigger 

signal that is based off of the internal sine wave generation is provided as well.  
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Appendix B  – Test Chip Pin Diagrams 

 

The layouts and pin diagrams for the three test chips referred to in this thesis are shown below in 

Figures B.1, B.2, B.3, and B.4  

 

The 7HP test chip was fabricated November 2003 and consisted of a FFI-VCO, 8-bit R-2R DAC, 

and an early sample-and-hold amplifier test setup. The chip functioned as designed, however the 

S/H setup was not capable of capturing the stepped waveform due to the lack of a proper trigger. 

This problem was later remedied in the 8HP-4 fab as described in - Sample and Hold Amplifier 

Testing.  

 

Figure 91. 7HP Chip Testing Diagram. 
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Figure 92. 7HP chip schematic. 
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The 8HP-2 test chip was used to measure early single ended 2 and 3-bit comparator designs. The 

primary usefulness for the chip was the data from redundant clocking structures, including a 

revised FFI-VCO design, LC tank (Colpitts) oscillator and an external clock input receiver. At 

the time of this fabrication, the operating frequency target of the project had not been focused 

yet. 

 

 

Figure 93. 8HP-2 Chip Testing Diagram. 
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Figure 94. 8HP-2 Clocking Schematic. 
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Figure 95. 8HP-2 Testing and ADC Schematic. 
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Figure 96. 8HP-2 2-bit ADC Schematic. 
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 The 8HP-4 test chip was sent for fabrication on 5-8-06, and was used to measure revised 

oscillator designs as well as single and interleaved 3-bit designs. The 3-bit flash converter was 

originally intended for use in a 6-bit two-step ADC, however the interstage DAC in that design 

was found to be a problem area for operating at very high speeds.  

 

Figure 97. 8HP-4 Test Chip Layout 



 130 

 

 

 

Figure 98. 8HP-4 Top and Right (bottom) Schematic. 
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Figure 99. 5-8-06 Bottom Schematic. 

 



 132 

 

Figure 100. 5-8-06 Left Schematic 
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Chip 121007B Description 

 
This test chip was designed to test a two-way interleaved 4-bit ADC that is capable of digitizing 

a 15GHz analog signal. The converter‘s architecture uses a high speed front end sampler 

followed by a secondary sampler at the front of each sub-converter. The output of each channel 

is routed to a 2:1 selection multiplexer as well as a 4-bit DAC.  An onboard 30GHz LC tank 

oscillator is present on chip as well as the ability to use an off chip source for clocking. A divide-

by-32 trigger signal is also provided for synchronizing with the Tektronix 11801C sampling 

oscilloscope.  

 

A secondary test circuit has been included in the chip as well, for testing the performance of the 

sample-and-hold amplifier alone. The support circuitry for this includes a 60GHz LC tank 

oscillator as well as the ability to use an off-chip clock.  

 

This chip was submitted on December 10
th

, 2007. A picture of the 2mm x 2mm chip layout is 

shown below. 

 

Figure 101 Chip_121007B Layout. 

This chip uses three of the standard high speed 10 pin GGB probes that are available within our 

group at RPI. All three are configured as follows: S S P G S S G P S S where S represents high 

speed signal pins with a 40GHz bandwidth. G is the ground, and the two G pins are tied together 
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on the probe body. P represents the power pins and each are separate on probe body, so two 

different voltages can be connected to them depending on the on-chip configuration. The pitch 

between probe tips is 150um.  

 

Figure 102 Chip_121007B Pinout Diagram. 

 

 

The default values for the pins are as shown in the following table: 

 

Table 15 Chip121007B pinouts. 

 

Pin  Abbreviation Range Default Value 

Internal VCO Ctrl --- -2.5V to 0 0 

Clock Select CS Vee to Vcc Vee (Internal) 

Power Down PD Vee to Vcc Vee (Power On) 

Clock Trigger  CT 400mV swing --- 

Analog Input AI 500mV P-P --- 

External Clock Input --- 500mV P-P --- 

MSB/LSB (All) --- 400mV swing --- 

DAC --- 400mV swing --- 

S/H output --- 400mV swing --- 

DEMUX --- 400mV swing --- 
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Appendix C– RF Tuner Test chip 

 

This appendix details the circuits in the RF tuner chip, sent out for fabrication on 10/1/2008.  

 

Figure 103. RF Tuner diagram. 

 

The RF tuner chip serves as the front end to the DRFM project, receiving incoming signals and 

down converting them to a DC-6GHz band for A/D conversion and processing. A diagram of the 

RF tuner functions is shown above in Figure 1.  
Specification for RF mixer: 

 RF mixer input of 2-18 GHz (minimum, 3 dB)  

 IF mixer output single-ended, from DC to 6 GHz bandwidth (3 dB)  

 LO input of 22-40GHz  

 Ability to turn off all mixers independently 

 All input/outputs 50 ohms, single ended 

 

 

Specification for Wideband VCO: 

 VCO control voltage differential 

 VCO  Fout/8 output of 2.75-5GHz output for PLL sync, differential 

 Output of 22-40GHz  

 Ability to turn off turn off wideband VCO 

 0 degree and 90 degree outputs, single ended 

 

A block diagram of the final chip is shown below in Figure 2. To maximize noise isolation, the 

power (-2.5V) supply is divided into halves, with all the mixer circuitry connected together and 

the all the oscillator circuitry tied together as well.  Each mixer block (including associated 
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circuitry such as input/output pad drivers and clock repeaters) have their grounds grouped 

together so that it is possible to disconnect one pin to disable one entire mixer block. The 

Wideband VCO and associated circuitry are configured in the same manner, to allow total 

disabling of the circuits.   

 

The black stubs shown in Figure 2 are the locations jumpers that can be used to disable each 

component mixer/VCO separately, should the chip be packaged.  A single ended divide-by-16 

output pin was also included so that we can measure the VCO output using our test equipment at 

RPI. 

 

 

Figure 104. RF Tuner chip block diagram. 

 

Due to the analog nature of the mixer section, voltage droop over the entire chip was not a major 

concern in this chip. When compared to the dense digital circuits that RPI is familiar with, 

similar sized power rails can adequately handle the power requirements of the sparsely populated 

analog designs. Nevertheless voltage storm simulations were run to verify the droop levels 

throughout the chip. 

 

The results of the voltage storm simulation is shown below.  

 

Mixer half: 

Vee (power) droop <  2.53mV 

Vcc (ground) droop <1mV 
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Wideband VCO section: 

Vee (power) droop < 15.2mV 

Vcc (ground) droop < 34.1mV 

 

As expected, the mixer block section of the chip shows almost no droop at all (0.1% droop) and 

the digital wideband VCO section also shows acceptable droop levels. 

 

 

Power Requirements 
The current requirements for the Mixers are as follows: 

 

Each Mixer block: 

 

Pad receiver: 6.3mA 

Pad driver 20.4mA 

Mixer 10.6mA 

Clock Buffer1 5mA 

Clock Buffer2 3mA 

Subtotal: 40.3mA   

 

LO clock distribution 

Pad receiver: 6.3mA 

Clock Buffer1: 5mA (3) 

Subtotal: 21.3mA 

 

Total Current: 40.3 x 4 + 21.3 x 2 =  203.8mA  

Total Power: 203.8mA x 2.5V = 509mW 

 

 

The current requirements for the VCO circuits are as follows: 

  

FFI VCO: 

VCO Core: 26.68mA 

 Doubler Circuitry: 32.3mA 

 Input Select Multiplexers: 12mA 

Subtotal: 70.68mA   

 

Clock Distribution and Output: 

Clock Buffer1 5mA (6) 

 Pad driver 20.4mA (4) 

 Divide-by-2: 5mA (4) 

Subtotal: 131.6mA 

 

Total Current: 70.68 + 131.6 =  202.28mA  

Total Power: 202.28mA x 2.5V = 505.7mW 
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Final Mixer Design 

 
Four identical mixer circuits with dually shared LO inputs were included on the chip. The mixers 

were designed to have a max IF output frequency of 6GHz and max RF input of 18GHz. The 

FFT plot and transient simulations of 6GHz IF and 18GHz RF signals are shown below in Figure 

105. 

 

 

 

Figure 105. Mixer FFT and transient plots of IF at 6GHz (RF at 18GHz LO at 24GHz). 
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Appendix D – 2:1 Demultiplexer design 

A 2:1 demultiplexer operating at 12GHz has been designed and simulated for the NRL contract. 

The basic architecture of the DEMUX uses 15mA of current at 2.5V and is shown below.   

 

Figure 106. Schematic of 2:1 DEMUX. 

The full speed signal is latched by the first flip-flop using the full speed clock, then the output is 

separated into two channels through the use of a half speed clock with inverted inputs into the 

subsequent channel flip-flops. A second flip-flop is used in channel A to remove the timing 

offset between the two channels.  

The timing diagram of the 2:1 DEMUX is shown below. The channel A’ output is the output 

from the first D Flip-flop in channel A, and the channel A output is final output of the channel.  

 

Figure 107.  Timing diagram of 2:1 DEMUX. 
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The simulated waveform is shown in the figure below, with the input and output patterns clearly 

marked. The input pattern was generated by a 4-bit linear feedback shift register (LFSR) test 

circuit and contains a repeated sequence of 15 bits. In the figure, the first bit of the input goes to 

channel A, the second bit goes to channel B, and so on. 

 

 

Figure 108. Simulated waveforms and layout of 2:1 DEMUX. 
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Appendix E –MW Tuner and mmW Tuner test chip 

 
This appendix details the circuits in the MW and mmW test chips, sent out for fabrication on 

6/8/2009.  

 
MW Tuner 
 

The MW tuner chip is the first of two chips sent out on the 6/8/2009 fab.  It is resubmission of an 

earlier design, but the pad configuration has changed significantly between this chip and the 

October 10
th

 2008 MW tuner chip.   

 

In addition, two LNA test circuits are included in this chip. They are standalone test circuits, 

each connected to their own 10 pin pad. The Mixer and LNA designs were provided by Furaxa 

and the Doubler and VCO designs are from RPI. 

  

The input/output configuration of the chip matches the block diagram exactly, with the exception 

of two LNA test circuits being included instead of just one. The two are identical except that one 

of them has all the biasing pins routed to pads whereas the second one has the biasing voltages 

set on chip.  

 

Complete pad pinout diagrams for the entire chip and simulation waveforms are included in this 

document.  

 

The VCO, each of the doublers, and each of the mixers have their own power and ground pins, 

so they can be disabled individually. The clocking circuits for Mixers 1 and 2 shares the power 

supply for Mixer 1, and the clocking circuits for Mixers 3 and Mixers 4 share the power supply 

for Mixer 3.  
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Figure 109. MW Tuner Block Diagram. 

 

Specifications 
 

12-20GHz FFI-VCO cell 
 Power supply: Vcc=0V, Vee=-2.5V 

 Current: 40mA (includes Fout/8 dividers) 

 Total Current (includes buffers, Pad drivers, etc): 144mA 

 Frequency Ctrl 12GHz: VCO_Ctrl = -900mV, VCO_CtrlB = -1.15V 

 Frequency Ctrl 20GHz: VCO_Ctrl=-1.15V, VCO_CtrlB=-900mV 

 

Frequency Doubler cells 
 Power supply: Vcc=0V, Vee=-3.4V 

 Core Current: 52mA (each) 

 Assembly Current (includes buffers, Pad drivers, etc): 121mA 

 Total Current (2 x Doublers): 242mA 

 

Mixer cells 
 Power supply: Vcc=0V, Vee=-4.6V 

 Current: 83mA (each) 

 Total Current: 330mA 

 

LNA test cells 
 Power supply: Vcc=1.8V, Vee=2.5V 

 Current: 39mA (each) 
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Figure 110. Layout of MW Tuner (2.7mm x 2.7mm). 
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Figure 111. Pad diagram for MW Tuner. 
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12-24GHz VCO Simulations 

 
 The VCO used in this chip is not the same one that was used in the first MW Tuner chip. 

It uses the same fundamental architecture, but it is based off of the new 16.5-33GHz VCO design 

and is more robust than the original 12-24GHz VCO.  It uses larger transistors and a little bit 

more current, but the output voltage swing amplitude is larger and much more consistent over the 

entire operating range of the VCO.  

 

 The schematic simulation shows a range of 11 to 28GHz, but the extracted simulation 

narrows the range to 11.5GHz and 25GHz, which is still wider than the desired 12-24GHz range.  

 

 

 
Figure 112. MW Tuner VCO 12-24GHz Simulation. 
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Frequency Doubler  Simulations 

 
 The frequency doubler used in both chips (MW Tuner, mmW Tuner) is a Gilbert 

multiplier based architecture. It is similar to the doubler design from the first MW Tuner chip, 

but now uses AC coupling with the DC offsets set right before the multiplying transistors. The 

power supply has been increased so that there is adequate voltage headroom for emitter followers 

to drive both inputs to the multiplier core.  

 
(a) Doubler 12GHz in, 24GHz out 

 
(b)Doubler 20GHz in, 40GHz out 

Figure 113. MW Tuner frequency doubler simulations. 
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Figure 114. Frequency Doubler Layout (90um x 210um). 
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Mixer simulations 
 

The MW Tuner mixer was designed and laid out by Furaxa.  The simulations 

below verify its operation.  

 

 

Figure 115. Mixer simulation with 40GHz LO, 18GHz RF showing 22GHz IF. 
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Figure 116. Mixer Layout (450um x 300um). 
 

mmW Tuner   

 
The mmW tuner chip is the second of two chips sent out on the 6/8/2009 fab.   

 

The input/output configuration of the chip matches the block diagram exactly, except that only 

two LNA‘s were needed to achieve the 35dB gain since each LNA stage has a gain of 18dB.  

 

The LNA, Mixers were designed and laid out by Furaxa, and the RF Switch design was modified 

from a Furaxa even-odd MUX schematic. The VCO and doubler were designed by RPI.  The RF 

switch was implemented like it is shown in the block diagram. A second technique was 

suggested, where a switch is included at the input of the doubler so that it essentially turns the 

doubler on or off.  Work had begun on implementing this technique, but due to time constraints 

it was not complete by the deadline and hence the original technique was used.  The second 

technique is likely a better solution in terms of isolation and power consumption, and should be 

considered for inclusion should this chip need a revision.  
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In this chip, the LNA and VCO have their own separate power supply pins. The Mixers have 

their own power pins, but the ground is shared between them and the RF switches. The clock 

dividing circuitry shares the same power pins as the VCO. 

 

Complete pad pinout diagrams for the entire chip and simulation waveforms are included in this 

document.  

 

 
Figure 117. mmW Tuner Block Diagram. 
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Specifications 
 

16.5-33GHz FFI-VCO cell 
 Power supply: Vcc=0V, Vee=-2.5V 

 Current: 40mA (includes Fout/8 dividers) 

 Total Current (includes buffers, Pad drivers, etc): 144mA 

 Frequency Ctrl 16.5GHz: VCO_Ctrl = -900mV, VCO_CtrlB = -1.15V 

 Frequency Ctrl 33GHz: VCO_Ctrl=-1.15V, VCO_CtrlB=-900mV 

 Output Voltage Swing: 250mV (max frequency), 300mV (min frequency) 

 

Frequency Doubler cell 
 Power supply: Vcc=0V, Vee=-3.4V 

 Core Current: 52mA (each) 

 Assembly Current 64mA 

 Total Current (2 x Doublers): 128mA 

 

RF Switch cell 
 Power supply: Vcc=1.8V, Vee=-2.5V 

 Core Current: 31mA (each) 

 Assembly Current 118mA 

 Total Current (2 x Mux): 236mA 

 

Mixer cells 
 Power supply: Vcc=0V, Vee=-4.6V 

 Current: 83mA (each) 

 Total Current: 330mA 

 

LNA test cells 
 Power supply: Vcc=1.8V, Vee=2.5V 

 Current: 39mA (each) 
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Figure 118. mmW Tuner Layout (2.3mm x 2.3mm). 

 

 
Figure 119. mmW Tuner pad diagram. 
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Frequency Doubler Simulations 

  
 The frequency doubler used in this chip is identical to the one used in P09579A. The 

simulations for it with a 33GHz input and 66GHz output are shown below.  

 

 
Figure 120. mmW Tuner Doubler 33GHz in, 66GHz out waveforms. 
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RF Switch Simulations 

 

 The RF switch uses an odd-even MUX design from Furaxa, with the inputs separated 

such that two different input signals can be used. With just one switch, the isolation between the 

input signals was simulated to be around -40dB, which is below the spec of -50dB.  

To improve the performance, a two tiered switch approach was used. The first switch had 

the incoming signal as one input, and a common mode voltage as the second input. The second 

switch had the outputs of the first tiered switches as its input. When one switch was selected, the 

first tiered switch for the other input signal was switched to the common mode voltage, to further 

prevent signal feedthrough. This technique improved the isolation between input signals to -

53dB. 

 

 The RF switch was simulated at the frequencies of interest, and also up to 40/80GHz. The 

simulations are shown below.  

 
(a) 16.5GHz - 33GHz 
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(b) 33GHz - 66GHz 

 

 
(c) 40GHz - 80GHz 

 

Figure 121. mmW Tuner 66GHz RF Switch waveforms. 
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Figure 122. FFT Plot showing -53dB isolation between inputs at 33GHz and 66GHz. 

 

 
Figure 123. mmW Tuner RF Switch Layout – approximately 500um x 600um. 
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LNA Simulations 

 
 The LNA design was provided by Furaxa. With a gain of 18dB, two of them were 

cascaded to meet the 35dB gain specification.  Due to time constraints on this second chip, it was 

not heavily simulated, but the simulations that were run showed it working properly. 

 

 Two individual LNA‘s were included in the first chip (P09579A) for testing purposes. 

One had the biasing pins tied to pads, and the other had the biasing pre-wired on chip.   

 
(a) 18GHz 

 

 
(b) 66GHz 

 

Figure 124. mmW Tuner LNA simulations at (a) 18GHz and (b) 66GHz. 
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Figure 125. mmW Tuner LNA  Layout – approximately 110um x 160um. 
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Appendix F – Simulating with new device models 

8XP model configuration 

Simulating with entirely upgraded design libraries is a routine task, however simulating with 

upgraded models of a partial kit is not as straightforward. The procedures for simulating with 

different model files within a library are described in the following appendix. It is specifically 

geared towards the new (8/2008) 8XP NPN models, but should work for a partial model upgrade 

for any library.  

Model files for devices are text files containing many constants and equations. Local constants 

are usually found in the device model file itself, but global constants can be found elsewhere. A 

model most often uses both global and local constants, thus arrives with more than one file. In 

the case of the 8XP NPN models there are 3 files: design_8xp.scs, process_8xp.scs, and 

vbic_8xp.scs. 

The design_8xp.scs file is nearly identical to the latest 8HP design.scs file with the exception of 

one additional line that is in the 8HP's file. The process_8xp.scs consists of many global 

variables, and contains links to all the other device model files at the bottom. The original file 

had all the resistor, capacitor, inductor models commented out, but I have updated it so that all 

the other 8HP device models are now enabled. The vbic_8xp.scs file is the 8XP npn model---this 

is the file with the upgraded model definitions. 

To simulate using this new transistor model, open the Analog Design Environment spectre 

simulator, then go to the ―setup‖ menu and choose ―model libraries‖. Comment out your existing 

ones and add the paths to the new files as shown below (IBM example).   
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Figure 126. How to switch to 8XP models. 

 

Some preliminary simulations are shown below. The approximate gate delay for a single CML 

buffer improved to 4ps from 5.4ps (schematic simulation).  
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Figure 127. 8XP (top) vs 8HP (bottom) transient comparison. 

 

The 8HP vs 8XP sampler simulations are shown below in Figure 127. The #1, #2 corresponds to 

the points on the ic vs ft tradeoff curve shown in Figure 24.  
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Figure 128. 8HP vs 8XP bandwidth comparison.  

 




